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One day we will be what we want to be. The journey has not
started and the road has not ended.

Mahmoud Darwish – Palestinian poet

To my family

La familia es todo

III





Erklärung

Hiermit erkläre ich,
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Abstract

The continuous search for highly sensitive, agile and cost-effective sensors for mag-
netic biosensing applications has been met with high performance magnetoresistive
(MR) sensors. While the MR effect has been discovered 150 years ago, there is a
growing trend of improving the sensitivity of MR sensors while keeping their noise
performance as low as possible. However, such improvements have to be comple-
mented with high performance frontends that can effectively amplify the minute MR
sensor’s signals while keeping the system’s noise floor unaltered. More importantly,
the designed frontends have to be equipped with offset compensation peripheral cir-
cuits that can efficiently handle the large spread of the base resistance in MR sensors
with high MR ratios such as in tunnel magnetoresistive (TMR) sensors.
In this thesis, we developed multiple frontend electronics that successfully inter-
faced MR sensors while, simultaneously, achieving competitive noise performance
compared to state-of-the-art (SoA) designs tailored for MR sensor readout. The
first variant of chips are specifically designed for high performance and high lin-
earity designs thanks to a novel implementation of an ultra-low-noise current bias
achieving SoA current noise floor of 2.2 pA/

√
Hz and chopped voltage-mode ampli-

fication stages resulting in a total voltage noise floor of 8 nV/
√

Hz, including a TMR
sensor and a reference resistor with base resistance of 1 kΩ.
In order to integrate an analog-to-digital converter (ADC) without substantial ad-
ditional power and/or area, we show in this work a continuous-time current-mode
Sigma-Delta modulator (CT C-SDM) that can directly interface MR sensors with-
out additional amplifiers. Our proposed design does not only show a competitive
noise floor of 8.1 pA/

√
Hz, but also features a novel DC servo loop (DSL) around the

modulator that maximizes the useful dynamic range (DR) of the modulator while
successfully rejecting the undesired DC offsets of MR sensors.
Both design variants shown in this thesis, pave the way to designing high perfor-
mance point-of-care (PoC) systems for in-vitro diagnostics while keeping their costs
low compared to alternative bulky and expensive systems.
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Zusammenfassung

Die ständige Suche nach hochempfindlichen, beweglichen und kostengünstigen Sen-
soren für magnetische Biosensorik-Anwendungen wurde mit hochleistungsfähigen
magnetoresistiven (MR) Sensoren beantwortet. Obwohl der MR Effekt bereits vor
150 Jahren entdeckt wurde, gibt es einen stetigen Trend, die Empfindlichkeit von MR
Sensoren zu verbessern und gleichzeitig ihr Rauschverhalten so gering wie möglich
zu halten. Solche Verbesserungen müssen jedoch durch leistungsstarke Frontends
ergänzt werden, die die winzigen Signale des MR Sensors effektiv verstärken können,
ohne das Rauschverhalten des Systems zu beeinträchtigen. Noch wichtiger ist, dass
die entwickelten Frontends mit Peripherieschaltungen zur Offsetkompensation aus-
gestattet sind, die die große Streuung des Basiswiderstands in MR Sensoren mit
hohen MR Verhältnissen, wie z.B. in tunnelmagnetoresistiven (TMR) Sensoren, ef-
fizient handhaben können.
Die erste Generation der Chips wurde speziell für Hochleistungs- und Hochlin-
earitätsdesigns entwickelt, die dank einer neuartigen Implementierung einer extrem
rauscharmen Stromquelle, mit einem Stromrauschen von 2.2 pA/

√
Hz, und einer ge-

choppten Spannungsverstärkerstufe, einem TMR Sensor sowie einem Referenzwider-
stand von 1 kΩ, zu einem Gesamtspannungsrauschen von 8 nV/

√
Hz führt.

Versuchend, einen Analog-Digital-Umsetzer (ADU) ohne wesentliche zusätzliche
Leistung und/oder Fläche zu integrieren, zeigen wir in dieser Arbeit einen zeitkon-
tinuierlichen Sigma-Delta-Modulator im Strommodus (CT C-SDM), der MR Sen-
soren ohne zusätzliche Verstärker direkt anschließen kann. Das von uns vorgeschla-
gene Design weist nicht nur ein konkurrenzfähiges Grundrauschen von 8.1 pA/

√
Hz

auf, sondern verfügt auch über eine neuartige DC-Servoschleife (DSL) um den Modu-
lator, die den nutzbaren Dynamikbereich des Modulators maximiert und gleichzeitig
die unerwünschten DC-Offsets der MR Sensoren erfolgreich unterdrückt.
Beide in dieser Arbeit gezeigten Design-Varianten ebnen den Weg für die Entwick-
lung hochleistungsfähiger Point-of-Care (PoC)-Systeme für die In-vitro-Diagnostik
und und sind gleichzeitig platzsparend und kostengünstig im Vergleich zu (kom-
merziellen) Systemen.
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1 Introduction

1.1 Motivation and research objectives

Magnetoresistive (MR) sensor systems are gaining momentum in the biosensing re-
search sector due to their simplicity, low-cost and excellent sensitivities [2]. The
growing interest in MR sensor systems has also extended their application hori-
zon to include magnetic neural recorders [3] that aim to record single-events at the
neuronal scale. To achieve unprecedented sensitivities, research is extensively done
on both the sensor’s front as well as the frontend electronics side. With advanc-
ing technologies and the ability to precisely manufacture new MR sensors, tunnel
magnetoresistors (TMR) are becoming more attractive to the aforementioned ap-
plications due to their unparalleled sensitivities [4, 1]. Unfortunately, without high
performance readout electronics tailored to the specific needs of the MR sensors,
such sensitivities cannot be fully exploited. The challenges posed upon the readout
electronics include the following:

– The frontend has to be able to compensate for large offsets generated by the
MR sensor, especially in TMR sensors where the MR ratio is high.

– The noise performance of the MR sensor frontend has to be kept lower than
the MR sensor to preserve the intrinsic signal-to-noise ratio (SNR) of the MR
sensor system.

– The large parasitic capacitance of the MR sensor should be handled by the
frontend electronics without sacrificing the performance or the bandwidth of
operation.

As a starting point, we carefully examined state-of-the-art (SoA) designs and ob-
served that most frontend designs are tailored for giant magnetoresistive (GMR)
sensors where the offsets are usually lower compared to TMR sensors due to their
lower MR ratios and sensitivities. Moreover, while SoA designs show excellent noise
performance, they still show higher noise floor compared to the MR sensor. As a
result, we find the design of highly versatile frontend electronics for TMR with ultra-
low-noise floors a design space that has not been explored before. In this work, we
investigate two design architectures that can be embedded in MR sensor systems.
With high performance MR sensor systems, electronics with small form factor, cost
and competitive noise floors, we envision that the next generation of point-of-care
(PoC) systems can be used everywhere in the world with very high sensitivities
needed for in-vitro diagnostic systems.
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1 Introduction

1.2 Thesis organization

This thesis is divided into 7 chapters including this motivational chapter. The rest
of this thesis is organized as follows:

– Chapter 2 presents a short theoretical background about different MR sen-
sors including their advantages and disadvantages as well as their readout
challenges. Afterwards, a brief comparison of available readout topologies for
MR sensor readouts is introduced.

– Chapter 3 introduces the first generation of MR sensor readout chips using
voltage-mode amplifiers and current-mode biasing electronics for the MR sen-
sors. The results of this chapter are used to pinpoint the challenges behind
reaching very low-noise frontend electronics for MR sensor systems.

– Chapter 4 is devoted to the second generation of MR sensor systems using
a novel low-noise current bias achieving SoA current noise floors. Moreover,
the newly designed chips feature a chopped voltage-mode readout for excellent
noise performance lower than the noise floor of the MR sensors used in this
work.

– In Chapter 5, we turn our attention to current-mode designs aiming to lower
the power and area requirements of an MR sensor system. We start this part of
the thesis by proposing an accurate analytical noise model of transimpedance
amplifiers (TIAs) that is applicable for resistive TIAs (R-TIAs), capacitive
TIAs (C-TIAs), and current-mode analog-to-digital converters (ADCs). In
the end, we provide circuit designers with a noise-aware design methodology
of TIAs, which is particularly important for low-noise TIA variants.

– In Chapter 6, we introduce a continuous-time current-mode Sigma-Delta
modulator (CT C-SDM) that can directly interface MR sensors without addi-
tional circuitry upfront. Moreover, we propose a DC servo loop (DSL) around
the modulator to increase the effective dynamic range (DR) of the modulator
for applications with large input DC offsets, such as TMR sensor systems.

– Chapter 7 concludes this thesis with a brief discussion comparing the different
circuit architectures introduced in this work. Finally, suggestions for future
research considerations regarding low-noise MR and quantum sensor systems
are presented.
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1.3 Research contributions

This work has lead to 2 journal papers and 8 conference proceedings. Most of the
research outcome of this work can be classified into the following areas:

– Low-noise voltage-mode readout electronics for MR sensors: In this
research, two different electronic chips dedicated to MR sensor systems are
developed. It has been shown in this work that both chips could successfully
interface TMR sensors. Specifically, the second generation of chips achieves
a SoA current noise floor for MR sensor bias which is 5x lower compared to
the SoA, and the overall voltage noise of the frontend achieves 2x lower noise
compared to prior arts [5, 6, 7].

– Low-noise CT C-SDM for MR sensors: In order to reduce the footprint
of the embedded electronics by directly interfacing an MR sensor with an
ADC, potentially reducing its costs, we introduce a CT C-SDM with a novel
DSL and finite impulse response (FIR) digital-to-analog converter (DAC) [8].
Together with our detailed analytical noise model for TIAs, our design offers
a competitive solution for MR sensor systems [9].

One of the future steps following this research is to extend our CT C-SDM to an
incremental SDM (I-SDM) allowing for multiplexing an array of MR sensors used
in bioassay systems, for example. Towards this goal, in this thesis, we have already
presented for I-SDMs a mixed-logical dynamical (MLD) system that can precisely
determine the stability of I-SDMs for different modulator orders and internal quan-
tizer levels [10].
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2 MR sensor systems: A brief
introduction and review of the SoA

MR sensors are becoming increasingly attractive for multiple applications ranging
from automotive systems, over consumer electronics and to biomedical sensor sys-
tems. In this chapter, different types of MR sensors are discussed including their
physical structures, as well as their advantages and disadvantages. Moreover, the
basic principles of the readout systems are explained including readout architec-
tures for MR sensors. Afterwards, we compare different MR sensors in terms of
noise, complexity, and multiplexing capabilities. To this end, the architecture of the
amplifiers used in such systems are also explained alongside with their advantages
and disadvantages.

2.1 Types of MR sensors

A magnetic sensor is a sensor that converts the magnitude and/or phase of a mag-
netic field to an electrical signal that can be processed by subsequent electronics.
Since magnetic sensors play an important role in numerous applications, there is a
continuous driving force to improve their performance. This can be done not only
by improving the current MR sensors, but also researching different physical phe-
nomena contributing to the research of new types of magnetic sensors. A magnetic
sensor can be as simple as an induction coil detecting changes in the magnetic flux
density. While coils can be very simple to build, they cannot operate at DC and can
be bulky to achieve high resolutions [11]. Alternatively, Hall sensors can be used to
measure both DC and AC fields due to the Lorentz force [12]. At the higher end
of magnetic sensors, the superconducting quantum interference device (SQUID),
relying on the Josephson effect, offers unmatched limit of detection (LOD) of single-
digit fT/

√
Hz [13]. Despite their excellent sensitivity, they always need to operate at

cryogenic temperatures and are typically large in size [14]. As a result, SQUIDs are
only suitable for high-end research and niche projects requiring measuring minute
magnetic fields irrespective of the affordability or complexity of the system. On
the other hand, MR sensors provide very good sensitivities while being available in
smaller sizes and can operate in room temperature [15]. As a result, MR sensors are
available on the market since 1994 [16].
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2 MR sensor systems: A brief introduction and review of the SoA

M IH

Pad

Ferromagnetic thin
film metal

Board

Figure 2.1: Sketch of an AMR sensor in the low resistance state where the current
is applied across a ferromagnetic thin film metal. After applying a magnetic field
H, a change in the magnetization M of the ferromagnetic material is observed.

2.1.1 AMR sensors

MR sensors are not only gaining momentum in the life sciences fields as will be
described in details in this work [2, 17], but they are widely spread in multiple
domains such as automotive [18], consumer electronics [19] or even for industrial
environments [20]. Although being incorporated in many application these days,
the origin of MR effect is not new and has been discovered more than 150 years ago
by the famous mathematical physicist and engineer Lord Kelvin (William Thomson)
in 1851 [21]. His experiments show that a resistance change, measured by supplying
current in iron, is observed when the piece of iron is subjected to a magnetic field.
He also observed the same phenomena with nickel but the change in resistance was
higher compared to iron while applying similar magnetic fields. What is also inter-
esting is that an increase in resistance is observed when the applied magnetic field is
along the direction of the supplied current. On the other hand, a reduction of resis-
tance has been detected when the applied magnetic fields are across or perpendicular
to the direction of the applied current. It took the world 100 more years, until 1975,
to transform this idea into a practical realization using the infamous anisotropic
magnetoresistive (AMR) sensor as foreseen by Thompson, Romankiw and Mayadas
in [22]. A comprehensive review of the physics behind AMR is given in an accom-
panying paper by McGuire and Potter in [23] where they show that the change
in the observed resistance is due to the change of resistivity of the ferromagnetic
material. This phenomena is caused by a change in the direction of magnetization
in response to the applied fields. Without applying any fields, the direction of the
magnetization is parallel to the anistropy axis (easy axis). The concept of an AMR
sensor is illustrated in Fig. 2.1. In this figure, a ferromagnetic thin film metal is
placed on a printed circuit board (PCB) acting as physical support. A current is
applied through two pads on the PCB and a change in voltage across the two pads
can be measured when an external magnetic field H is applied. The applied field
in return changes the magnetization M of the free layer and, ultimately, changes
the resistance of the ferromagnetic material. The resistivity ρ of the ferromagnetic
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material becomes a function of the angle φ between the applied current I and the
magnetization M as follows [24]:

ρ (φ) = ρ⊥ +
(
ρ‖ − ρ⊥

) (
1− sin2 (φ)

)
, (2.1)

where ρ⊥,‖ are the resistivities for φ = 0◦ and 90◦, respectively. While the transversal
magnetic field intensity Hx is not shown in eq. 2.1, it is already included in the angle
φ as follows [25]:

sin (φ) =
Hx

HS

, (2.2)

where HS is the saturation field. A typical transfer characteristic is shown in Fig. 2.2
highlighting the change in resistance observed in an AMR sensor while changing the
magnetic field. An apparent drawback of this structure is that the sensor is ex-
tremely non-linear at zero fields where the sensor is supposed to operate. Moreover,
the AMR characteristics shows a symmetrical resistance behavior for both positive
and negative fields rendering this structure useless for detecting the direction of the
magnetic fields. One could however observe that the transfer characteristic is highly
linear at Hx/H0 = ±0.7 or φ = 45◦. Consequently, an external magnetic field can be
applied to alter φ to 45◦. A simpler solution presented in [24] proposes to rotate the
current vector by φ = 45◦ while keeping the magnetization vector unaltered. This
can be achieved by covering the ferromagnetic material by stripes of a conductor
forcing the current to flow in a direction perpendicular to the stripes as shown in
Fig. 2.3. By mechanically placing these stripes with an angle φ = 45◦ to the easy
axis, the resistance curve is shifted as highlighted in Fig. 2.4 and the advantages of
such design are twofold. First, the sensor is more linear at Hx = 0 which is desirable
for many applications operating around such fields. Moreover, the direction of the
magnetic field can be extracted due to the asymmetrical resistance characteristic
around zero fields.
In order to characterize AMR sensors, and generally all MR sensors described in
this work, two main properties of MR sensors are highlighted in Fig. 2.5. First, the
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Figure 2.2: A typical transfer characteristic of an AMR sensor.
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2 MR sensor systems: A brief introduction and review of the SoA
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Figure 2.3: A sketch of an AMR sensor exhibiting stripes of a conductor in order to
force the current to flow at an angle φ = 45◦ to the easy axis.
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Figure 2.4: Resistance as a function of the applied field for the case when φ = 45◦

(in dashed orange) compared to the resistance against the applied field for φ = 0◦.
In the first case, the AMR sensor has a linear output around Hx = 0. Moreover,
the direction of the field can be extracted from the resistance curve due to the
asymmetrical characteristic.

MR ratio which is defined as follows:

MR =
Rmax −Rmin

Rmin

. (2.3)

Moreover, the sensitivity of the MR sensor is extracted at the operating point of the
sensor. In many cases, the operating point is located at H = 0. In this case, the
sensitivity S at H0 is expressed as:

S =
∂R

∂H

∣∣
H=H0

. (2.4)

While AMR sensors can be used in multiple applications to detect magnetic fields,
they typically show limited MR ratios of only 2% [26]. Hence, new technologies have
been developed to overcome this drawback and increase the output signal of an MR
sensor, and in return, relax the noise requirements of the frontend connected to the
MR sensor.
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Figure 2.5: A typical MR curve to illustrate the difference between MR ratio and
the sensitivity of a MR sensor.

2.1.2 GMR sensors

The next generation of MR sensors has been discovered by experimenting struc-
tures composed of magnetic and nonmagnetic metal layers formed in a multi-layer
structure. A major breakthrough has been achieved by Albert Fert [27] and Peter
Grünberg [28] when they observed the first GMR effect using a multi-layer structure
made of magnetic layers of Iron (Fe) separated by a thin non-magnetic conductive
layer of Chromium (Cr). Eventually, both scientists won the Nobel prize in Physics
in 2007 for their important discovery that changed the course of MR sensors in our
time.
The physical phenomena behind the GMR effect can be illustrated as follows. In
principle, antiferromagnetic coupling can occur between two adjacent Fe layers when
the Cr thickness is below 3 nm [27]. This translates to a change in the magnetization
of the Fe layers into an antiparallel state. By applying an external magnetic field, the
magnetization of the top layer is changed to be parallel w.r.t. the bottom layer (par-
allel state). The resistance of the parallel and antiparallel states can be explained
with the aid of Fig. 2.6 showing a GMR arrangement and a simple circuit diagram
corresponding to such a structure. In Fig. 2.6a, the antiparallel state is shown where
the magnetization of the Fe layers are opposite to each other. An electron with a
spin-up state (highlighted in yellow) passes the first boundary with limited scattering
since the spins of the electron and the ferromagneitc layer are aligned. The limited
scattering leads to smaller resistance as shown in the resistance diagram Fig. 2.6a
(middle). After passing the second boundary, the spins are now antiparallel to each
other and scattering increases eventually increasing the resistance. Similarly, the
electron with a spin-down state (highlighted in green) experiences the same scat-
tering mechanism but in opposite direction. The overall resistance for the entire
structure is then called the antiparallel resistance. Similarly, Fig. 2.6b shows the
flow of electrons when the GMR sensor is configured in the parallel state. In this
case, an electron with a spin-up state experiences little scattering in the resistance
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Figure 2.6: A sketch showing a GMR element and the flow of electrons in a) parallel
and b) antiparallel states.

through both boundaries since it is aligned with the Fe layers resulting in a small
resistance. In contrast, an electron with a spin-down state experiences larger scat-
tering through both boundaries. Evidently, this structure forms a parallel resistance
which is smaller compared to the antiparallel resistance shown in Fig. 2.6a.
The sensitivity of the multilayer GMR structure has been improved later in 1991 by
introducing a different GMR structure called the spin-valve (SV) sensor [29]. Ana-
log to the multilayer structure, SV sensors use an antiferromagnetic layer acting as
pinning layer on the top or the bottom of the ferromagnetic material. This pinning
layer pins the ferromagnetic layer, which means that it fixes the magnetization of
the ferromagnetic layers without relying on the antiferromagnetic coupling between
the different layers. In other words, the magnetization of one ferromagnetic layer is
pinned by an added antiferromagnetic layer and not by the coupling between ferro-
magnetic layers through a spacer [30]. The overall structure of a GMR SV sensor
as well as its resistance characteristics are shown in Fig. 2.7.

2.1.3 TMR sensors

Since nanotechnology is a key enabler to designing robust and thin magnetic and
non-magnetic layers, tunnel magnetoresistive (TMR), also known as magnetic tun-
neling junction (MTJ), are gaining momentum for highly sensitive MR sensors. This
is achieved by replacing the non-magnetic conductor in a SV sensor with a very thin
insulator forming a tunnel barrier [31]. The insulating barrier is mostly made of
Al2O3, or more recently, MgO with a thickness down to 1 nm [30]. While MR ratios
of only 10% at room temperature have been achieved in 1995 [32], innovative struc-
tures lead to a huge increase in MR values to 70% [33] and 600% [4] using Al2O3

and MgO spacers, respectively. While TMR sensors display superior sensitivity com-
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Figure 2.7: A typical resistance profile of an MR sensor while sweeping the magnetic
field H.

pared to GMR sensors, their 1/f-noise is relatively higher and bias dependent [34],
limiting their performance for low-noise applications. Overall, the voltage noise PSD
of the TMR sensor S∆V 2

TMR
is given by:

S∆V 2
TMR

= 4kTRTMR +
αH · I2

b ·R2
TMR

A · f
, (2.5)

where k is the Boltzmann constant, T is absolute temperature, RTMR is the TMR
resistance, Ib is the bias current, αH is a modified Hooge parameter, A is the area
of the TMR element, and f is the frequency of operation. While the noise power
is proportional to the bias current squared, I2

b, the SNR is a better measure of the
overall performance of the sensor. The SNR of a TMR element is given by:

SNRTMR = MR
I2

b ·R2
TMR

S∆V 2
TMR

= MR

[
I2

b ·RTMR

4kT
+
A · f
αH

]
. (2.6)

Eq. (2.6) shows that the SNR can be improved by increasing the bias current, Ib, only
in the thermal noise-limited region. On the other hand, increasing area as well as the
MR ratio are the only possible routes to improve the SNR for 1/f-limited region. To
improve the low-frequency noise performance of TMR sensors, [1] suggests placing
multiple TMR elements in series and in parallel to lower their 1/f-noise contribution.
An example of such a configuration is shown in Fig. 2.8 where the micrograph of a
TMR sensor consisting of 1102 TMR elements connected in such a matrix form is
used to lower the 1/f-noise [35]. While the large MR ratio of a TMR sensor leads a
higher SNR, cf. eq. (2.6), it also leads to a large voltage offset that could saturate the
frontend amplifier. This large voltage offset is caused by the large process variation
in a TMR base resistance and is then amplified by the large MR ratio of the TMR
sensor. As a result, in the next section, we will discuss different MR sensor readout
frontends specifically tailored to deal with these large offsets, while amplifying the
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6 mm

4 mm

Figure 2.8: A micrograph of a TMR sensor consisting of 1102 TMR elements con-
nected in series and parallel to reduce the 1/f-noise [1].

minute MR sensor signals and simultaneously preserving the intrinsic SNR of the
MR sensor.

2.2 Readout of MR sensors

While many emerging applications such as biosensing PoC systems [36, 2] and hu-
man machine interfaces for augmented reality applications [37] rely on MR sensors
due to their excellent sensitivities, robustness and low cost, they still impose strict
requirements on the signal conditioning circuitry. This is mainly due to the large
magnetic fields associated with the earth magnetic field or external fields generated
by different instruments used around the setup. This challenge is more pronounced
in TMR sensors due to their high MR ratio leading to an increased voltage offset
at the input of the frontend amplifiers. Ultimately, a reduction in the amplifier’s
dynamic range is expected or, in worse cases, the outputs of the amplifiers are sat-
urated by the large undesired offsets. To counteract such offsets, different frontend
architectures can be employed. One of the early promising designs for GMR sensors
incorporated a transimpedance amplifier (TIA) as the GMR sensor frontend [2].
The TIA frontend offers a virtual ground at the input, cf. Fig. 2.9, and hence, sim-
plifies current summation of an array of MR sensors thanks to the virtual ground.
This in turn allows for frequency division multiplexing (FDM) and, consequently,
reduces the total time required to readout the MR array. Another advantage of the
TIA-based architecture is that the voltage bias VB,i noise can be minimized by ap-
propriate low-pass passive filters using large off-chip capacitors, for example. On the
other hand, filtering current noise of a current bias can be achieved using complex
electronics to filter the bias noise as shown in details in the next chapter. This design
also minimizes the offset of the MR sensor by adding a current source/sink using
VDAC applied to RDAC. All these characteristics render the TIA frontend a simple
solution for MR array readout. However, the primary drawback of the TIA-based
architecture is that the output of the TIA does not change linearly with a change in
the input resistance. To mathematically identify this non-linearity, a Taylor series
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Figure 2.9: TIA frontend for MR sensors.
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Figure 2.10: Block diagram of a CCIA with a DSL to compensate for the DC offsets.

can be used to express the output of the TIA, Vout(t) as follows:

Vout(t) =
VB ·RFB

RMR + ∆R
2

sin(ωf t)
≈VB ·RFB

RMR

(
1 +

(
− ∆R

2RMR

sin(ωf t)

))
+

(
− ∆R

2RMR

sin(ωf t)

)2

+ . . .

(2.7)

For large ∆R/RMR, this non-linearity manifests itself as harmonic distortion [2].
In order to mitigate the intrinsic non-linearity of the TIA readout of MR sensors, a
current bias followed by a voltage readout can be adopted, creating an intrinsically
linear readout. An example of such architecture is shown in Fig. 2.10 where a
capacitively-coupled instrumentation amplifier (CCIA) [38] is used to readout the
voltage signal VR. By incorporating chopping switches at the input of the CCIA, the
amplifier’s 1/f-noise and offset can be eliminated. However, when using chopping,
the CCIA cannot block the MR sensor’s DC signal due to the switched capacitor
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structure forming a resistor, with an undesired input rms current, allowing the
undesired DC component of the signal to pass without attenuation to the input of
the FDDA. To solve this problem, a DC servo loop (DSL) is incorporated in the
design to block the DC offset generated by the MR sensor. Ignoring the finite DC
gain of the amplifier, the closed-loop gain (ACL) of the CCIA at the frequency band
outside the DSL operating frequency band can be calculated as follows:

ACL = −Cin

Cfb

, (2.8)

where Cin and Cfb are the input and the feedback capacitors, respectively. To
compensate the offset, the DSL capacitance CDSL has to be chosen large enough with
respect to the maximum output voltage tolerable by the DSL integrator VDSL,out and
the maximum expected input offset Voffset,in. The output voltage of the DSL VDSL,out

is given by:

VDSL,out =
Cin

CDSL

Voffset,in. (2.9)

It is important to point out that VDSL,out is limited by the amplifier supply voltages
and cannot be arbitrarily chosen. While Cin is usually fixed to define ACL, increasing
CDSL is the most practical solution to compensate for large offsets. However, this
introduces a tradeoff between tolerable offset voltage and input-referred noise of the
CCIA. The input-referred noise PSD of the CCIA, S∆V 2

CCIA
, can be described in

terms of the amplifier voltage noise PSD, S∆V 2
opamp

, as follows [39]:

S∆V 2
CCIA

=

(
Cin + Cfb + CDSL + Copamp

Cin

)2

S∆V 2
opamp

, (2.10)

where Copamp is the input capacitance of the opamp. As a result, increasing CDSL

can improve the maximum tolerable offset while, unfavorably, deteriorating the noise
floor. This offset-noise tradeoff is more pronounced in TMR sensor systems due to
the large voltage offsets at the amplifier inputs demanding a large CDSL increasing
the noise floor.
In order to break the offset-noise tradeoff, Fig. 2.11 shows a simple non-inverting
amplifier can be used in combination with a current-mode DAC to compensate for
the offset. While this design is intrinsically linear and simple to realize, it shows
large (and unfavorable) baseline-to-signal ratio [40]. This effect is more pronounced
in biosensing platforms where large magnetic fields are applied in the non-sensitive
direction of the MR sensors to excite the magnetic nanotags (MNTs) used to detect
a specific biomarker. Ultimately, the MR sensor is not totally blind to the applied
fields and an undesired field components would be sensed by the MR sensor, due
to the imperfect alignment for example, and could appear as a huge baseline signal
at the input of the MR sensor [40, 36]. To compensate for such problems, a fully-
differential CCIA with a reference sensor has been shown in [40, 36] where the
baseline signal appears at both the MR and the reference sensor equally. As a
result, the baseline signal appears as common-mode input signal and is attenuated
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Figure 2.11: Non-inverting amplifier used for MR sensor readout.

by the common-mode rejection ratio (CMRR) of the CCIA. Another possibility
to mitigate the offset-noise tradeoff of CCIAs is to implement a fully-differential
difference amplifier (FDDA) as shown in Fig. 2.12a. The FDDA has been introduced
back in 1987 [41] and it can be also found in prior arts under the name of current-
feedback instrumentation amplifier (CFIA) [42]. In [43], an FDDA is used to readout
a GMR sensor array and Fig. 2.12 shows an extension of the implemented design
whilst including a reference sensor for an improved baseline-to-signal ratio. Herein,
it is important to differentiate between the resistance of the MR sensor RS and the
reference sensors RREF. Their resistances can be expressed in terms of their base
resistances RMR, undesired baseline resistance due to the field excitation RB and
the desired resistance change due to the detected MNTs R∆R as follow:

RS = RMR +RB +R∆R,

RREF = RMR +RB.
(2.11)

It is important to mention that the reference sensor does not show any signal com-
ponent since it is usually covered with epoxy to avoid detecting any signal from
MNTs [40]. Now assuming an infinite CMRR, the FDDA output can be expressed
as follows:

Vout = R∆R ·
RFB

Rin

. (2.12)

Despite the open-loop nature of the FDDA at nodes VR and VREF, the non-linearities
are heavily attenuated in this structure due to the separate feedback. Fig. 2.12b
highlights the non-linearity cancellation of the structure. Assuming perfect matching
of the differential pairs, the non-linearity at the output current of Mn1 and Mn2, as
well as Mn3 and Mn4, are equal to each other, and hence are perfectly canceled. A
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Figure 2.12: An FDDA used for MR sensor readout while rejecting baseline signals.

Table 2.1: Comparison between different MR frontend topologies.

TIA CCIA Non-inv. amp. FDDA
Complexity Very simple Complex Simple Average
Linearity Non-linear Very linear Linear Linear

Noise (low offset) Excellent Good Very good Average
Noise (large offset) Excellent Average Very good Good
Baseline rejection Good Good Bad Good

drawback of an FDDA compared to a CCIA is its higher noise floor for the same
power. Neglecting the DSL in a CCIA, an FDDA has four input transistors, or two
differential pairs, compared to only a single differential pair in a CCIA. This means
that the noise power is two times higher in an FDDA. However, the large DC offsets
necessitating a large CDSL in a CCIA, cf. Fig. 2.10, increases its noise floor and can
be comparable to an FDDA in the end. On the other hand, an FDDA does not have
any offset-noise tradeoff and can be power efficient, if large offsets are expected,
compared to a CCIA. Table 2.1 compares the different MR sensor readout frontends
with respect to their performance.
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3 First generation of voltage-mode
readout chips

One of the main goals of this thesis is to present robust frontends for MR sensors.
These frontends should preserve the intrinsic SNR of the entire sensor chain while
being versatile against any environmental fluctuations. To this end, integrated cir-
cuits are chosen for the design of the frontend due to their flexibility and smaller
footprints allowing the chips to be connected near to the MR sensors, and as a result,
would reduce any parasitic coupling. In this work, magnetic neural recording and
biosensing systems are considered as the main applications. In the first case, offsets
are mainly generated due to external magnetic fields depending on the lab setup or
the orientation of the magnetrode, in vivo, as well as large earth’s magnetic field.
Similarly, biosensing applications suffer from offsets due to external fields as well as
baseline magnetic fields due to the field excitation of the magnetic nanotags [40].
While a differential measurement would help in reducing the baseline signal similar
to [40], it cannot be extended to neural recording applications due to the absence of
a reference sensor [3]. As a result, the frontend design has to compensate for these
offsets, or be immune against them or completely eliminate them. In this chapter,
we present the first generation of voltage-mode chips used for high performance MR
sensor readout. After showing our measurement results, we finalize this chapter
with findings to improve the performance of the voltage-mode readout electronics.

3.1 Design and implementation

In this work, we aim to design and develop a frontend chip that can be utilized
for neural recording and magnetic biosensing applications. As shown in Table 2.1,
there are multiple topologies that can be used for MR frontends. In this work, we
chose a current bias with an FDDA frontend for the first two generations of the
MR readouts. This is particularly important for designs with large offsets requiring
high baseline rejection. Moreover, the chosen architecture provides a more linear
output with respect to the change of the MR signal compared to a simple TIA
as explained in the previous chapter. The chip architecture of the first generation
of voltage-mode frontends is shown in Fig. 3.1. Any offset generated due to e.g.
undesired external magnetic fields or temperature drifts is continuously monitored
by the proposed DC-coupled readout scheme and calibrated using an on-chip 11-
bit binary-weighted current-mode DAC compensating a major part of the offset
generated by the mismatch of the MR and the reference sensors as well as the
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Figure 3.1: Overall block diagram of the readout chip.

offset generated by the amplifiers in the frontend. The residual offset is afterwards
compensated by another 5-bit DAC that is connected to the second-stage amplifier.
It is worth mentioning that the noise requirements of the second-stage DAC is
relaxed compared to the frontend 11-bit DAC since it is connected after the output of
the first amplifier, and hence, its input-referred noise is attenuated by the large gain
of the FDDA. The timing diagrams of the DACs are shown in Fig. 3.2 highlighting
the compensation operation. The first voltage gain stage is realized as an FDDA
with a gain of 50. The FDDA is chosen over a classic three-opamp instrumentation
amplifier (IA) due to its improved power efficiency, still providing the required high
input impedance [44]. The FDDA is followed by a second fixed gain stage with a gain
of 20 providing more gain to the frontend while having enough driving capabilities
to drive the chip pads and the backend ADC on the PCB. In total, we designed
the frontend to have a fixed gain of 60 dB to amplify the minute signals of the MR
sensor.

3.1.1 Amplifier implementation

FDDA design

To achieve a high gain accuracy with a relatively large closed-loop gain of 50, a
two-stage Miller compensated opamp is implemented. The detailed schematic of
the FDDA is shown in Fig. 3.3 featuring an input stage that uses a current reuse
scheme to increase the transconductance for a given bias current, and thereby, the
power efficiency for a given speed and noise requirement [45]. Moreover, the input
differential pairs are designed with a large area to reduce their 1/f-noise contribution.
Their aspect ratio is chosen for an operation in weak inversion to maximize the gm/Id
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Figure 3.2: Timing diagram of the auto-calibration phase.

ratios of the individual transistors. Simulations showed that the PMOS transistor
is superior compared to its NMOS counterpart in terms of 1/f-noise for a given
transistor area in the utilized 180 nm technology. Accordingly, the sizing of Mn1−2

and Mn4−5 have been chosen larger compared to Mp1−2 and Mp4−5 with device sizes
of 750 µm/1.5 µm and 480 µm/5 µm, respectively. Despite the relatively large device
size, the input-referred noise of the FDDA exhibits a high 1/f-corner frequency of
around 50 kHz as shown in Fig. 3.4. The closed-loop gain of the FDDA is not only
set by the ratio of the feedback resistors, but also by the transconductances of the
input and feedback differential pairs as follows:

Vout

Vin

=
gmn1 + gmp1

gmn3 + gmp3

· R2

R1

. (3.1)

As a result, for gmn1 = gmn3 and gmp1 = gmp3, the closed-loop gain becomes R2/R1.
The stability of the high-gain FDDA is assessed using the STB analysis performed
in Cadence Virtuoso. The loop gain of the FDDA is shown in Fig. 3.7 where a
phase margin of 83◦ and a unity-gain frequency (UGF) of 3 MHz are simulated. To
set the output common-mode of the FDDA, the common-mode feedback (CMFB)
circuit used for the FDDA is shown in Fig. 3.5. The input pair of the CMFB circuit,
Mn1,2 extract the output common-mode voltage of the amplifier, cf. Fig. 3.3, and
compares it to the desired common-mode voltag VCM = VDD/2 [46]. To improve the
stability of the CMFB circuit, the output voltage of the CMFB circuit controls only
a part of the current of the input stage of the DDA, cf. Mp5−p8 in Fig. 3.3. This
in turn reduces the loop gain and significantly improves the stability of the CMFB
loop. The simulated loop gain of the CMFB loop is shown in Fig. 3.6 and highlights
the improved phase margin by lowering the current controlled by the CMFB. All in
all, the phase margin improves from 34◦ to 67◦ due to the reduced loop gain.
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3 First generation of voltage-mode readout chips

Second-stage OTA

An additional two-stage Miller-compensated OTA follows the FDDA to provide an
additional gain of 20. The transistor-level diagram of the second stage amplifier as
well as its CMFB circuit are shown in Fig. 3.8. Since the output of second stage
OTA has to accommodate data with higher swings compared to the FDDA’s output,
the input stage of the CMFB circuit had to be changed compared to that of the
FDDA to keep the input transistors of the CMFB circuit in the saturation region,
cf. Fig. 3.5. To solve this problem, averaging resistors R1 = R2 = 1 MΩ are used
to extract the common-mode signal of the OTA’s outputs. We have chosen higher
resistance values to preserve the high output impedance of the OTA, and hence,
keep the open-loop gain unaltered.

3.1.2 Sensor biasing

To implement a voltage-mode readout for optimum linearity, the MR sensors are
biased with a current source. An 11-bit current-mode binary-weighted DAC is used
to compensate any DC offset, e.g. due to mismatch between sensor and reference
element, while introducing minimum noise into the system. The noise of the current-
mode DAC is critical in this design since it is directly added to the input of the
sensor system. The current noise power spectral density (PSD) of a MOS transistor
in saturation can be modeled as:

S∆I2
nD

= 4kTγgm +
KF · g2

m

Cn
ox ·W · L · f

, (3.2)

where k is Boltzmann’s constant, T is the absolute temperature, γ is the thermal
noise excess factor, KF is the flicker noise factor, Cox is the oxide capacitance per
unit area, n is the slope factor and W and L are the transistor width and length, re-
spectively. To choose an optimum transistor type for the current source, the current
noise PSD of all available transistor flavors were simulated for Id = 1 mA and com-
pared while fixing their aspect ratios and their gm/Id for a fair comparison. In this
technology, there are high-threshold and low-threshold 1.8-V NMOS and PMOS de-
vices that can be used as current sources. The simulated noise performance of each
transistor as a current source is shown in Fig. 3.9. Clearly, the low-threshold PMOS
device shows the best flicker noise performance, however, the low-threshold NMOS
device shows a very low thermal noise performance compared to other transistors.
As a result, the low-threshold NMOS transistor was chosen for the current source
design. It is worth mentioning that for low-frequency applications, the low-threshold
PMOS transistor would outperform the other options. Thermal and flicker noise are
minimized by choosing an operating bias point deeply in strong inversion, where
the transistor’s gm/Id can be minimized. Additionally, the second term in eq. (3.2),
the contribution due to the devices flicker noise, is minimized by proper device siz-
ing using sufficiently large devices. Overall, to satisfy both the thermal and the
flicker noise requirements, DAC unit elements with aspect ratios of 850 nm/80 µm
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Figure 3.4: Input-referred voltage noise spectral density of the FDDA.
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Figure 3.5: Transistor-level schematics of the CMFB circuit of the FDDA.

with a relatively large |Vds,sat| = 600 mV are used for this design. Fig. 3.10 shows a
transistor-level schematic of the 11-bit current DAC where the current is switched
on and off using the cascoded devices via a switch. The switch is controlled by the
on-chip digital logic, cf. Fig 3.1. This DAC’s switching scheme via the cascoded de-
vices is much faster compared to switching on and off the current source device due
to the smaller capacitance accompanied with the cascoded MOS device compared to
the relatively large, noise-critical current source MOS. For better matching, Mcs,i,
cf. Fig. 3.10, are implemented using unit devices, and hence, 2048 unit elements for
the 11-bit DAC are designed and layouted on-chip. To further improve matching of
the DAC, the unit elements are organized in a common-centroid layout. The Mod-
ule Generation tool (Modgen) was used to perform the placement of the elements
efficiently.
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Figure 3.6: Simulations of the CMFB loop gain with and without current splitting
in the CMFB loop.
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Figure 3.7: The stability of the FDDA in its closed-loop configuration.

3.2 Measurement results

The chip micrograph is shown in Fig. 3.11. It has been manufactured in 180-nm SOI
CMOS technology with a total area of 1.85 mm x 1.2 mm. Using a single 1.8-V sup-
ply, the chip draws a total current of 7.7 mA, resulting in a total power dissipation
of 14 mW. The presented chip has been electrically tested and characterized using
a custom-designed evaluation platform, which includes the TMR sensor presented
in [47] and shown in Fig. 2.8 with a nominal resistance of 830 Ω and a sensitivity
of 93 Ω/mT for a bias current of 1.1 mA. The sensor is mounted on the PCB us-
ing an interposer board before connected to our custom-designed readout PCB. For
this measurement, the reference resistor is implemented using an ohmic resistor of
nominally equal value. Magnetic fields in the sensitive direction of the TMR sensor
are generated using custom-designed Helmholtz coils wound around a 3D-printed
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Figure 3.8: Transistor-level schematics of the second stage amplifier as well as its
CMFB circuit.
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Figure 3.9: Current noise PSDs of low and high threshold voltage NMOS and PMOS
transistors.

holder to characterize the TMR element and measure its sensitivity.
To characterize the fabricated chip, we have measured the input-referred noise and
the frequency response of the overall system. The corresponding results are shown in
Fig. 3.12. The measured 1/f-corner frequency is 7 kHz. The input-referred thermal
noise floor of the entire system consisting of the TMR sensor, biased by the ASIC,
and the readout electronics is 9.5 nV/

√
Hz which corresponds to a limit of detection

(LoD) of 300 pT/
√

Hz. From the total system noise, we extrapolated an input-
referred noise of the chip (biasing and readout) of 7 nV/

√
Hz. We also characterized

the AC response of the chip. The measured AC gain in the passband is 60 dB, in-
cluding DC. The measured 3 dB bandwidth is 500 kHz with a small peaking around
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Figure 3.10: Transistor-level schematic of the 11-bit current DAC.

200 kHz of 1 dB. This peaking can easily be compensated in the digital domain.
The bandwidth is sufficient to bring the TMR signal outside the 1/f-noise region by
field modulation [2]. Moreover, we have evaluated the spurious-free dynamic range
(SFDR) of the presented chip by applying test signals of different amplitudes to the
input. Fig. 3.14 shows the output spectrum for a maximum input voltage signal
with amplitude of 1.35 mVpp and a frequency of 5 kHz. The measured SFDR is
64 dB and originates from the mismatch of the input differential pairs of the FDDA.
Beyond this amplitude, the distortion of the FDDA increases significantly due to
the open-loop nature of the input differential pairs. One important feature of the
implemented design is its capability to bias largely different sensor resistances. In
order to demonstrate this capability, we replaced the TMR by a potentiometer and
used a fixed reference resistor with base resistance of 1 kΩ at the second chip input.
Fig. 3.13 depicts the output voltage offset of the chip for different input resistances
after applying the automatic, on-chip offset calibration routine, cf. Fig. 3.1. Ac-
cording to the figure, the chip can successfully calibrate resistances between 535 Ω
and 4.8 kΩ, making the chip compatible with the large process variations of TMR
sensors. Finally, we also investigated the stability of the chip over time. This is
important to ensure that the system is sufficiently stable to avoid calibrations dur-
ing biosensing measurements, which can take up to several minutes. According to
Fig. 3.13, the chip operates in a stable fashion for at least 30 minutes, which is suf-
ficient for all practical measurement conditions. Here, it is worth mentioning that
all experiments have been carried out without any magnetic field shielding.

3.3 Findings of the first generation of chips

The first generation of chips, presented in [5], provides a solid starting point for MR
sensor readouts for frequencies in the kHz range. Unfortunately, the higher noise
at lower frequencies originating from both the FDDA and the current bias limits
the SNR at low frequencies. This is particularly important for neural recording ap-
plications where the frequency of interest is from 0.1 Hz up to 15 kHz [48]. On the
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Figure 3.11: Chip micrograph where (1) is the 11-bit DAC, (2) is the FDDA, (3) is
the digital control circuity, (4) is the 5-bit DAC, (5) is the second gain stage, and
(6) is the biasing of the reference resistor.
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Figure 3.12: a) The measured input-referred voltage noise of the biosensing platform.
b) The measured AC response of the IC.
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Figure 3.13: a) Input-referred voltage offset of the chip for different offsets between
sensing and reference resistors. b) Time stability of the input-referred voltage offset.

other hand, exciting MNTs at high frequencies could shift the signal at frequencies
higher than the chip’s 1/f-noise for biosensing applications. This comes at the ex-
pense of higher power consumption due to the increased coil impedance at higher
frequencies. Consequently, reducing the chip’s 1/f-corner frequency would result
in improved SNR for neural recording applications and lower power consumption
for biosensing PoC systems. Reducing the amplifier’s 1/f-corner frequency could
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Figure 3.14: The measured chip output distortion for a test signal with an amplitude
of 1.35 mVpp and a frequency of 5 kHz.

be achieved by well-known techniques such as chopping or correlated double sam-
pling [49]. However, reducing the noise, and ultimately 1/f-noise, of current sources
is not trivial and the solutions available in SoA designs suffer from some drawbacks
that will be discussed in the next sections. On a different note, most biosensing
applications require a frontend being able to multiplex an array of MR sensors to
perform multiple assays using a single frontend to save area and power. Such re-
quirement mandates a versatile frontend that can either tolerate offsets from each
sensor in the array, or alternatively, compensate for the offset of each sensor at a
time. The aforementioned chip can only compensate for the offset of one sensor and
cannot extend the compensation for an array of sensors since the offset compen-
sation process takes a substantial amount of time, limiting the readout time of an
array of sensors. A solution to such problem is to compensate the offsets of each
sensor in the array upfront, store the data on-chip and then amplify the sensor’s
signal while multiplexing the array and load the stored calibration data at the same
time, assuming a negligible offset drift. Finally, the first generation of chips features
a fixed signal gain of 60 dB which can be a limiting factor for systems with larger
signal amplitudes such as in biosensing platforms demanding lower frontend gains,
or at least, programmable gain in the frontends.
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4 Second generation of readout chips

In order to overcome some of the drawbacks of the first generation of chips and
improve their overall noise performance, namely the noise floor and the low fre-
quency noise of the electronics, multiple solutions are investigated in this chapter
and a novel technique to reduce the noise of the current bias of MR sensors is intro-
duced. Moreover, different concepts to improve the flexibility of the readout chip
to increase its dynamic range and multiplexing capabilities are introduced in the
second generation of the voltage-mode chips. More specifically, amendments in the
sensor bias and the frontend electronics are introduced in the second generation of
chips rendering them more suitable for both neural recording and biosensing appli-
cations. We begin this chapter with a brief summary of the implementation of very
low noise current sources shown in the literature. Afterwards, we present the archi-
tecture of the second generation of chips featuring a novel current bias with very
low noise performance and a frontend with an improved 1/f-corner frequency and a
programmable gain allowing this chip to be incorporated in both neural recorders
and biosensing platforms.

4.1 Towards the design of ultra-low-noise current
sources

A simple realization of a current source biasing an MR sensor is shown in Fig 4.1a,
where a PMOS transistor biased in saturation is used as a current source. Following
the analysis shown in chapter 3, the voltage noise PSD at node VR, S∆V 2

R
, due to the

thermal noise of the MR sensor resistance and the current noise PSD of the MOS
transistor, S∆I2

nD,OL
, can be written as follows:

S∆V 2
R

= 4kTRs + S∆I2
nD,OL

·R2
s , (4.1a)

S∆I2
nD,OL

= 4kTγgm +
KF · g2

m

Cox ·W · L · f
, (4.1b)

where S∆I2
nD,OL

is the current noise PSD of MCS, k is the Boltzmann constant, T

is absolute temperature, γ is the excess noise factor, gm is the transconductance
of transistor MCS, KF is the flicker noise factor, Cox is the oxide capacitance per
unit area and W and L are the transistor width and length, respectively. To lower
S∆I2

nD,OL
, one can bias the transistor deeply in strong inversion to lower gm/Id where:

gm

Id

=
2

|Vds,sat|
. (4.2)
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Figure 4.1: a) A simple implementation of a PMOS current source biasing an MR
sensor. b) Voltage noise at VR due to the thermal noise of the MR sensor and the
current bias.

However, this approach limits the useful dynamic range of the sensor’s output since
the required low gm/Id corresponds to a large |Vds,sat|, and a lower voltage overhead
is available across the sensor terminals. The best-case achievable thermal and flicker
noise floor depends largely on |Vds,sat| which is strongly correlated with the supply
voltage VDD of the current source. In this work, we have VDD = 1.8 V, IDAC has to
be adjusted between 0.3 mA and 1 mA to be able to bias an MR sensor resistance of
3 kΩ down to 1 kΩ setting VR to 1 V. This leaves a maximum |Vds,sat| of 0.8 V for the
current source. Ignoring flicker noise of the PMOS transistor, the theoretical voltage
noise floor due to the MR sensor resistance and the current bias using |Vds,sat| =
0.8 V, according to eq. (4.1a) is shown in Fig. 4.1. Unfortunately, the best-case noise
floor of the current bias is still higher than the noise floor of the MR sensor, and
hence, the intrinsic SNR of the MR sensor is degraded due the current bias despite
using a very large Vds,sat. A simple way to reduce the current noise of a current
source is using source degeneration to reduce the effective transconductance Gm [50]
in the following manner:

Gm =
gm

1 + gm ·Rdeg

, (4.3)

where Rdeg is the degeneration resistance added at the source of the current source
transistor. Despite the simplicity of a source degenerated transistor, it cannot be
simply scaled in a high resolution DAC with very small current steps due to the large
DAC footprint associated with large resistors for small currents. As an alternative,
multiple designs, cf. [43, 40, 36] configure the source degenerated current source
transistor in a voltage feedback loop allowing to adjust the current by VB and Rdeg.
Ultimately, the current noise PSD of the MOS device is attenuated by the large
voltage loop gain of the design. Fig. 4.2 shows the basic architecture used in the
aforementioned designs for a current source embedded in a voltage feedback loop.
The total PSD of the aforementioned closed-loop design can be written as follows:
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Figure 4.2: A current source embedded in a voltage feedback loop to lower its noise.
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where S∆V 2
nin,OP

is the input-referred voltage noise PSD of the amplifier. Clearly,

the noise of the current source can be significantly attenuated by the open-loop
gain of the amplifier. However, S∆V 2

nin,OP
is translated to the output current noise

PSD by Rdeg without further attenuation. By only considering the noise of the
input differential pair of the opamp and ignoring the rest of the noise contributors,
S∆V 2

nin,OP
can be expressed as follows:

S∆V 2
nin,OP

= 2

[
4kTγ

gm,in

+
KF

Cox ·Win · Lin · f

]
. (4.5)

The first summand of eq. (4.5) represents the thermal noise contribution of the input
differential pair while the second summand models its flicker noise. To reduce the
thermal noise floor of the opamp, gm,in can be increased by biasing the input pair in
weak inversion or by increasing the current in the input stage. On the other hand,
flicker noise can be reduced by chopping the amplifier, cf. Fig. 4.2. This increases
the complexity of the design by adding chopping switches and increasing the voltage
spikes at the output of the amplifier, and consequently, disturbing the current bias
as illustrated in Fig. 4.2. These drawbacks of increased power consumption and the
extra chopping in the current bias present a bottleneck for such designs targeting
very low noise floors. In [40, 36, 43], the thermal noise floor of the current bias
is limited to 10 pA/

√
Hz. This high noise floor would degrade the intrinsic SNR

of the MR sensors. For example, a 1 kΩ MR sensor resistor would have a thermal
noise floor of 4 nV/

√
Hz while 10 pA/

√
Hz would contribute to a significantly higher

voltage noise floor of 10 nV/
√

Hz which is much higher compared to the noise floor
of the MR sensor. As a result, we introduced a novel solution to improve the noise
suppression of the current bias and preserve the intrinsic SNR of the MR sensor.
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Figure 4.3: System level block diagram of the readout chip.

4.2 Second generation of chips: design and
implementation

In chapter 3, the first generation of voltage readout chips were presented, and their
drawbacks have been highlighted, namely, the high noise floor of the current bias as
well as the high low-frequency noise originating from the readout chain. Moreover,
we have established that a programmable gain in the frontend would improve the
flexibility of the readout electronics to handle different sensors with wider dynamic
ranges. This can be controlled by a standard interface, such as an SPI interface, fa-
cilitating the choice of different voltage gains as well as initiating the auto-calibration
routine needed to compensate for the MR sensor resistance offsets. We tackle the
aforementioned drawbacks in the second generation of chips by adopting multiple
design changes.
Fig. 4.3 shows the block diagram of the presented readout ASIC, consisting of the
current bias of the sensor and the subsequent voltage amplifiers. An on-chip fixed
current source and an adjustable current DAC bias the reference resistor and the
MR sensor, respectively. This differential readout scheme improves the baseline-
to-signal-ratio [40]. Similar to the first generation of chips, the compensation of
the offset between the sensor and the reference resistor is achieved by continuously
monitoring the difference between the MR and the reference resistor output voltages
using a DC-coupled readout circuit formed by an FDDA and a programmable gain
amplifier (PGA), which feeds a dynamic comparator followed by a digital logic that
finds the DAC digital codeword necessary to compensate the offset. The automatic
compensation routine is triggered via an on-chip SPI interface.
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Figure 4.4: a) Block diagram of the opamp based current source. b) Simplified
version of the proposed low-noise TIA-based current source as well as the intrinsic
noise suppression of the embedded opamp.

4.2.1 An ulta-low-noise current bias

The design depicted in Fig. 4.2 shows a promising solution to lower the noise of a
current bias. However, as explained in the previous section, the best reported noise
of the shown design is limited to 10 pA/

√
Hz. The bottleneck of this design stems

from the noise of the internal amplifier. We propose a simple adjustment of the
aforementioned design as shown in Fig. 4.4 where we moved the degeneration resis-
tance Rdeg to the feedback of the amplifier. This way, the voltage-mode feedback, cf.
Fig. 4.4a, is turned into a transimpedance amplifier (TIA) structure, cf. Fig. 4.4b.
Although the introduced modification might seem simple and does not change the
core idea of the current bias, the performance of the current bias is altered heavily.
First of all, the voltage gain across the TIA is unity (ignoring the input capacitance
of the TIA). This means that the input-referred voltage noise of the TIA is copied to
its output, and the effective small signal gate-source voltage |vgs| of transistor MCS

is zero due to the noise of the TIA. As a result, the noise of the amplifier embedded
in the loop is nulled by the TIA feedback topology. On the other hand, the noise
of the current source MCS is only attenuated by the loop gain being gm · RFB com-
pared to ADC for the case in Fig. 4.4a. In this proposed structure, chopping around
the amplifier is not needed, and hence, all the drawbacks observed from chopping
the amplifier are mitigated. This small adjustment presents an effective and simple
solution to lower the noise of the current source.

Current DAC design

While Fig. 4.4b shows the general idea of the proposed architecture, it does not
show the complete picture of its actual implementation. Fig. 4.5 shows the actual
implementation of the proposed current DAC with the TIA-based feedback loop.
The DC current of the current source MCS is set by its gate-source voltage and its
W and L. According to Fig. 4.4b, the source voltage of the current bias is defined
by the virtual short of the opamp, and the source voltage of the transistor MCS is
set to Vb,s. However, the gate voltage cannot be controlled by the TIA feedback
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Figure 4.5: Block diagram of the proposed TIA-based low-noise current-mode DAC.

loop since the gate-voltage would be completely dependent on the current flowing
through the feedback resistor and set to Vb,s−(ICS ·RFB). To set the gate voltage to
a well-defined potential, an AC coupling network is integrated in the feedback loop
as shown in Fig. 4.5 acting as a high-pass filter or an AC-coupling network blocking
the DC component from the TIA. Afterwards, the gate bias voltage Vb,g is gener-
ated by a diode connected PMOS transistor, which is embedded into the current
DAC to provide a PVT stable current mirror type biasing for MCS. By setting the
corner frequency of the AC coupling network fhpf low enough, the loop gain remains
unaltered at frequencies higher than the corner frequency and the gate voltage of
transistor MCS can be defined by the voltage Vb,g through the pseudoresistor RAC.
The choice of CAC is important for multiple reasons. First, a large CAC would reduce
the high-pass corner frequency fhpf as needed, and consequently, increase the loop
gain at low frequencies. Secondly, CAC forms a voltage divider between the output
of the opamp and the gate voltage of transistor MCS. This voltage divider effectively
lowers the loop gain due to the attenuation of the voltage signal at the output of
the opamp. Moreover, the output voltage of the opamp would not be copied to the
gate voltage of transistor MCS which effectively would not allow for canceling of the
noise of the opamp, because the small-signal vsg due to the noise of the opamp will
not be zero anymore. On a different note, a reset switch is added to the gate of the
transistor MCS to reset this high impedance node if necessary.
In order to implement the desired 10-bit DAC, a unit DAC element with a dimen-
sion of W/L = 1 µm/1 µm is chosen with |Vds,sat| = 150 mV to output a unit current
of 1 µA. By connecting 1024 DAC unit elements in parallel, a total output current
of 1 mA can be obtained. The open-loop current noise PSD of this transistor is
simulated in Fig. 4.6 (blue) showing a high noise floor of 11 pA/

√
Hz for a total

current of 1 mA. Interestingly, the open-loop noise current PSD is on par with the
measured noise floor of the designs shown in [43, 40, 36]. A simulated gm = 10 mS
is obtained for the low threshold PMOS transistor with a gate-source capacitance of
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Figure 4.6: Simulated current noise PSD of the proposed closed-loop (CL) bias
compared to the open-loop (OL) system.

CSG = 6.4 pF and gds = 100 µS. The aforementioned transistor flavor is chosen due
to its superior flicker noise performance, cf. Fig. 3.9. Although the chosen transis-
tor shows a higher noise floor compared to the low threshold NMOS transistor, the
noise floor is set by the feedback resistance RFB irrespective of the noise floor of the
different current sources. To maximize the noise suppression of the current source,
a larger feedback resistance is desired. However, the choice of RFB is limited by the
headroom requirements in the TIA since the output voltage of the TIA would be
set by the current bias and RFB. In this design, two flavors of transistors with 1.8 V
core devices and 5 V I/O devices are available in the technology portfolio and hence
a large RFB = 4 kΩ is chosen providing a maximum voltage swing at the output
of the TIA of ≈ 4 V for a maximum IDAC = 1 mA. Although the 5 V I/O devices
are not optimized for low noise operation, their noise is nulled at the output of the
current bias due to the inherent noise cancellation of the opamp noise as illustrated
in Fig. 4.5. By using an RFB = 4 kΩ, RAC = 10 GΩ and a very large CAC = 1 nF
to examine the best-case noise performance of the proposed system, the simulated
closed-loop current noise is shown in Fig. 4.6 (yellow). As highlighted in the figure,
the CL performance is improved by the loop gain 1 + gmRFB, or 40x for this design,
compared to the open-loop response. The noise floor is set by RFB and is equal
to 2 pA/

√
Hz. Fig. 4.6, however, gives a simplified view of the noise of the current

bias. The complete noise analysis of the current noise should also include the effect
of the capacitive divider, namely between CAC and CSG, as well as the finite channel
conductance of transistor MCS. As illustrated in Fig. 4.5, the small-signal vsg is
close to zero, however, the small signal vsd is non-zero. As a result, the finite output
conductance gds would lead to non-zero noise at the output of the current bias due
to the opamp’s noise. A simple model shown in Fig. 4.7 is implemented in the Ca-
dence design environment to simulate the aforementioned second-order effects. The
ideal model simplifies the current source MCS as a voltage controlled current source
(VCCS) and its gm sets the small-signal current gain. On the other hand, the large
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Figure 4.7: Block diagram of the proposed current bias using ideal components from
the analogLib.

signal current IDC is set with an ideal current source. The small-signal conductance,
modeling the CLM effect, is taken into consideration by adding a resistor in parallel
with a current source with a value of rds. Accounting for these effects, the resulting
output current noise PSD of the proposed current bias is given by:

S∆I2
nD,CL

≈
S∆I2

nD,OL

(1 + gmRFBxdiv)2
+

4kT

RFB

+
[
S∆V 2

nin,OP
+ S∆V 2

b,s

] [gds − jωgmRFBCinxdiv

1 + gmRFBxdiv

]2

+ S∆V 2
b,g

[
gm

1 + jωRACCAC (1 + gmRFB)

]2

,

(4.6)

where xdiv = CAC/ (CAC + CSG) and CIN is the opamp input capacitance. Here,
it is important to point out that, in contrast to the open-loop case, increasing gm

improves the overall noise performance by increasing the loop gain, cf. eq. (4.1).
Hence, the scheme of Fig. 4.4b favors an operation of transistor MCS in weak in-
version, drastically reducing the headroom requirements for the current source. Ac-
cording to eq. (4.6), finite channel conductance gds, non-zero CIN as well as finite
CAC lowers the attenuation of the noise of the current bias. Although using a very
large CAC combined with a long transistor to keep gds as low as possible, provided
that CAC � CSG, would be optimum for noise performance, the chip area would
be significantly large. As a result, CAC is chosen as 20 pF. It is worth mention-
ing that the source and gate bias noise voltages can be made negligible by adding
simple low-pass filters using area-efficient pseudoresistors and MOS capacitors, for
example. It is also important to investigate the effect of the finite CAC on the
noise suppression of the current bias. Fig. 4.9 shows the simulated transfer func-
tion of the OL current noise to the total output of the current bias. For a large
CAC = 1 nF, the noise is scaled by 24.5 mA/A matching the inverse of the loop
gain of (1 + gmRFB)−1 ≈ 1/40 ≈ 25 mA/A. On the other hand, the noise suppres-
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Figure 4.8: Simulated transfer function from the input-referred voltage noise of the
embedded opamp to the output current.

sion of the current bias is worsened from 24.5 mA/A to 28 mA/A due to a lower
CAC = 20 pF, cf. the factor xdiv in eq (4.6).

Embedded opamp noise

It is also important to investigate the embedded opamp noise performance on the
total output noise. The transfer function of the input-referred noise of the opamp to
the output current is simulated in Fig. 4.8 for different CIN values. The simulated
output noise due to the opamp noise is high-pass shaped due to CIN. Moreover, a
larger CIN shifts the high-pass corner frequency to the left, or smaller frequencies,
as shown in eq. (4.6). Furthermore, increasing CAC to a very large, yet impracti-
cal, value of CAC = 1 nF, and hence increasing xdiv to unity, cf. eq. (4.6), lowers
the noise floor further. It is important to quantify the noise requirements of the
embedded opamp to achieve a current noise floor lower than the noise floor of the
feedback resistance RFB = 4 kΩ. An output noise contribution from the opamp
around 0.5 pA/

√
Hz compared to a noise floor of 2 pA/

√
Hz originating from RFB

would render the opamp noise negligible. Since the opamp contributes ≈ 3 µA/V, cf.
Fig. 4.8, a minimum input-referred voltage noise of 170 nV/

√
Hz is needed to obtain

a maximum output noise of 0.5 pA/
√

Hz. To specify the power requirements of the
opamp, the relationship between the input-referred voltage noise of the opamp and
the transconductance of the input differential pair is used, cf. the first summand
of eq. (4.5). For an input-referred voltage noise of 170 nV/

√
Hz, a minimum input

transconductance of gm,in = 770 nS is needed. The required bias current would then
depend on the chosen bias point. Even in worse cases where gm/Id is as low as one,
where the power efficiency of the opamp is not optimized, an opamp bias current of
around Ib,OP = 2 · 770 nA ≈ 1.6 µA would be required. Clearly, the opamp bias cur-
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rent, and hence power, is much lower compared to the sensor bias current of 1 mA.
The implemented current source can provide currents up to 1 mA to maximize the
MR output signal. Since the utilized MR sensors provide base resistances between
1 kΩ and 3 kΩ, a larger feedback resistor in the TIA of the bias control loop of 4 kΩ
is needed to provide a noise floor below that of the MR sensor. To accommodate
the maximum voltage drop of ≈ 4 V across RFB, we used shifted power supplies
between VSS = 1.8 V and VVDD,L = 3.6 V inside the biasing circuitry, as also shown
in Fig. 4.10. This allowed implementing the input stage of the TIA opamp using
core 1.8 V devices and lower the overall power consumption by lowering the supply
voltage of the input stage. To this end, only the opamp’s output stage has to use
5 V I/O devices supplied from a supply between VSS = 1.8 V and VDD,H = 6.8 V.
Consequently, no additional biasing network is needed for the readout chain. It is
worth mentioning that the proposed biasing scheme can also be accommodated with
a single supply when using smaller values of RFB at the expense of increased noise
floors. Moreover, the entire TIA can be implemented using the 5 V I/O devices at
the expense of higher power consumption. The transistor-level model of the embed-
ded opamp is shown in Fig. 4.11 where the low-voltage stage of the amplifier is a
standard two-stage folded cascode amplifier with a PMOS input differential pair for
lower 1/f-noise and Miller capacitance to compensate for the two-pole system. The
high-voltage amplifier stage is a simple NMOS common-source amplifier with an
active current source load. Overall, the three-stage nested Miller amplifier provides
a large gain to precisely control the source bias of the MR sensor current source via
the virtual ground. The noise of the opamp shown in Fig. 4.11 is simulated with and
without activating the reset switch, cf. Fig. 4.5. The reset switch is implemented for
multiple reasons. First, the reset is turned on if the potential of the high impedance
node, at the gate of the transistor MCS, is charged to a different potential due to
parasitic coupling for example. Moreover, during the auto-calibration phase of the
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Figure 4.11: Block diagram of the embedded TIA. The high-voltage transistors are
shown in blue.

MR sensor, the reset switch is turned on until the calibration is complete. The
reason is because while turning on and off the unit DAC elements of the current
source, the high impedance node at the gate of transistor MCS is disrupted by the
switching effect and have to be either constantly reset during calibration or kept at a
low impedance as we propose in this design. More importantly, noise simulations in
Fig. 4.12 show that the opamp noise is kept well below the intrinsic noise generated
by RFB. The largest noise contribution from the opamp originates from the flicker
noise of transistors Mn1 and Mn2. Moreover, the noise of the opamp is increased
by around four orders of magnitude when the reset switch is on. This is because
the intrinsic cancellation of the opamp noise is not valid anymore since the cut-off
frequency of the AC coupling network formed by RAC and CAC is shifted to much
higher frequencies when the reset switch is activated. The overall simulated noise
of the transistor-level current DAC design is shown in Fig. 4.13. It is worth men-
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Figure 4.13: Simulated noise of the current bias.

tioning that the simulated opamp noise is higher compared to the simulation shown
in Fig. 4.12 due to the smaller CAC = 20 pF, yet still lower by around one order of
magnitude compared to the CL current bias noise. Finally, assuming a fairly large
bias voltage noise of S∆Vb,g

= 100 nV/
√

Hz, for frequencies above 1 Hz, the resulting
current noise is still negligible.

4.2.2 Frontend design

According to Fig. 4.3, the low-noise bias current IDAC flows through the MR sensor
and produces a voltage signal which is subsequently amplified by an FDDA followed
by a PGA. The advantages of the FDDA compared to a CCIA and a classic non-
inverting amplifier are explained in details in chapter 3. In the presented design,
the FDDA has a fixed gain of 40 and the PGA features four different gain settings
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Figure 4.14: Transistor-level block diagram of the FDDA where a) shows a block
diagram of the input choppers, b) is the transistor-level model of the input stage of
the FDDA, and c) shows the rest of the FDDA design.

to accommodate different dynamic range requirements. Since the FDDA is directly
interfacing the MR sensor, special care for its noise performance is taken into consid-
eration. Fig. 4.14 shows the transistor-level model of the designed FDDA alongside
with the chopping switches. Although the FDDA design is similar to that of the
first generation of chips, cf. chapter 3, it is further optimized for an improved flicker
noise behavior. In order to lower the power consumption of the FDDA while main-
taining a good noise performance, the input differential pairs are implemented using
stacked PMOS and NMOS pairs [51]. As a result, the overall transconductance is
increased without changing the bias current. To achieve a better flicker noise per-
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formance, chopping switches are incorporated to modulate the signal away from the
noise-critical low-frequency region [49]. The most noise-critical transistors in the
FDDA are the input differential pairs, namely Mn,p1−4 as well as the current sources
Mp11,12, cf. Fig. 4.14. The input choppers, CH1 and CH2, are placed normally at
the gate terminal of the input differential pairs. Traditionally, the output choppers
can be placed at the source of transistors Mn7,8 as well as Mp11,12 [52], however,
these choppers would have to have low on-resistance, Ron, to lower the voltage drop
across them. In this design, the output choppers are placed at the input of the out-
put stage. In this way, the choppers only have to to drive small gate capacitances
of transistors Mn11 and Mn12. The choppers are built using four NMOS switches as
shown in Fig. 4.15. The NMOS transistors are favored to PMOS transistors due to
their larger mobility, and hence, lower Ron for the same aspect ratio. The genera-
tion of the clocks needed for the choppers is achieved using a simple non-overlapping
clock generator shown in Fig. 4.16. In this way, both clocks φ1 and φ2 are generated
using a single off-chip clock source. Moreover, an extra AND gate is added at the
input of the non-overlapping clock generator to switch off the network if chopping is
not needed. The control signal is set through the on-chip SPI interface, cf. Fig. 4.3,
and used to measure and compare the performance of the chopped against the un-
chopped design. The simulated input-referred voltage noise of the FDDA is shown in
Fig. 4.17 (blue). The simulated noise floor of the unchopped FDDA is 2.7 nV/

√
Hz

while the 1/f-corner frequency is located at around ffl = 60 kHz. Choosing an ap-
propriate chopping frequency depends mainly on the 1/f-corner frequency and the
3-dB corner frequency of the amplifier f3−dB [49]. On the one hand, choosing a
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Figure 4.17: Simulated input-referred noise of the standalone chopped and un-
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chopping frequency fch � f3−dB leads to a suboptimal reduction in the 1/f-noise
while, favorably, keeping the white noise floor unaltered. On the other hand, choos-
ing fch � ffl leads to better cancellation of the 1/f-noise while increasing the white
noise floor due to noise folding caused by the finite GBW of the opamp. Simula-
tions show that a chopping frequency of fch = 60 kHz achieves good rejection of
the the 1/f-noise. The simulated input-referred voltage noise of the chopped FDDA
with a chopping frequency of fch = 60 kHz is shown in Fig. 4.17 (yellow) where the
1/f-corner frequency is very small and the noise floor is only marginally increased
to 3.8 nV/

√
Hz. To relax the constraints on the speed of the chopping switches, a

lower chopping frequency fch can be an alternative design choice. To illustrate the
effect of lowering fch, the input-referred voltage noise is simulated with fch = 20 kHz
showing an increase of the noise floor to 5.6 nV/

√
Hz. Since the minimum intrinsic

noise floor of the MR sensor is set by the lower base resistance of 1 kΩ and a noise
floor of 4 nV/

√
Hz, a chopping frequency of fch = 60 kHz is chosen for this work.

The simulated input-referred noise of the frontend including the chopped FDDA
and the PGA is shown in Fig. 4.17 (purple). A slight increase due to the 1/f-noise is
observed and is located at approximately 50 Hz. While the PGA can be chopped as
well to reduce its 1/f-corner frequency, the residual flicker noise of the current bias
will dominate the flicker noise as will be shown in the following section.

4.3 Measurement results

4.3.1 Electrical characterization

First, the chip is electrically characterized before testing its performance with MR
sensors. The chip micrograph is shown in Fig. 4.18. The chip is manufactured in
180 nm SOI CMOS, occupying an active area of 1.7 mm2. The largest two blocks
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Figure 4.18: Chip micrograph.

in the design are the 10-bit DAC (including the low-noise TIA feedback design)
as well as the FDDA. The fixed current of 1 mA used to bias the reference sensor
features a much smaller footprint compared to the DAC. The reason is that the
DAC unit cells are arranged in a common centroid design, and hence, the routing
of the DAC elements results in an increase in the total area compared to the fixed
current bias. The presented readout chain consumes 10.4 mW from a 1.8 V supply
while the entire chip, including the MR and reference resistor bias, consumes 38 mW
from 1.8 V, 3.6 V and 6.8 V supplies [6].

Current bias characterization

To demonstrate the effectiveness of the presented biasing scheme, a separate setup
was designed to measure the current bias noise. An external TIA is used as an am-
plification stage for the current bias. The TIA is built with the amplifier ADA4625
from Analog Devices [53] which features a very low noise input current noise of
4.5 fA/

√
Hz. It also can operate with supply voltages up to 36 V which allows using

a large feedback resistance in the TIA reducing the overall input-referred current
noise of the setup. Fig. 4.19 shows the measured closed-loop output noise of tran-
sistor MCS for bias currents of 350 µA, 700 µA and 1 mA. The measured noise floor
is 2.2 pA/

√
Hz with activated control loop and is defined by the feedback resistor

RFB for all current settings. A slight increase in the flicker noise is observed for
higher currents due to the larger CSG associated with a larger effective device area
used for larger currents. Hence, the factor xdiv is reduced for higher currents, and,
as a result, the low-frequency noise is slightly increased, cf. eq. (4.6) and Fig. 4.5.
The measured current noise floor presents a 5x improvement compared to previous
designs [36, 43] using a voltage-mode feedback system to lower the noise of the cur-
rent bias compared to the proposed TIA-based feedback loop. The measured output
characteristics of the current source for IDAC = 500 µA and IDAC = 1 mA are shown
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Figure 4.20: Measured output characteristics of IDAC for different current settings.

in Fig. 4.20. Despite the very-low noise operation of the designed current source,
it can operate with VCS, where VCS is the voltage drop across the cascoded current
source (MCS and MCASC in Fig. 4.5), as low as 0.3 V. The low voltage around the
current bias is possible due to the relaxed gm/Id requirement to improve the noise
floor. For the design, a higher gm would increase the noise suppression of the current
bias, and therefore, lowers the saturation voltage of the current bias.

Frontend characterization

The measured input-referred noise of the frontend with and without chopping (fch =
60 kHz) is shown in Fig. 4.21. This measurement is conducted by first compensating
for the amplifier offset and then measuring the output spectrum. This is achieved
by first calibrating for the sensor offset, and then agressively filtering the input
voltage nodes by 22 µF capacitors at the input nodes VS and VREF, cf. Fig. 4.3.
This effectively filters the noise originating from the resistors and current bias while
setting the correct DC operating points needed for the frontend. The measured
noise floor with chopping is 4 nV/

√
Hz compared to a simulated 3.8 nV/

√
Hz. With
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Figure 4.21: Measured input-referred voltage noise PSD of the amplifier chain with-
out and with chopping at 60 kHz.
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Figure 4.22: Measured input-referred voltage noise PSD of each circuit block and
the total measured noise using a 1 kΩ sensor.

enabled chopping, the measured 1/f-noise corner frequency is 400 Hz which is an
order of magnitude higher compared to the simulated 1/f-corner frequency. The
residual flicker noise after chopping originates from the unchopped PGA, cf. Fig. 4.3.

Overall noise performance

One important aspect of this work is to quantify the noise contribution of each block
on the overall performance. Ideally, the noise of the sensor’s biasing and the frontend
amplifiers should be lower compared to the intrinsic noise floor of the MR sensor and
the reference resistor. A drawback of such an approach is the lower power efficiency
which is crucial for PoC systems relying on batteries as a power source. Fig. 4.22
shows the measured input-referred voltage and current noise PSDs of each circuit
block, the total noise PSD of the chip as well as the total noise PSD of the complete
system including the MR sensor and reference resistor. The total noise contribu-
tion should be evaluated for extreme values of the desired resistances of 1 kΩ up to
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3 kΩ. The lower end of the base resistance results in the best-case intrinsic SNR
assuming that the sensitivity of the sensor does not change with the base resistance.
On the other hand, the higher end of resistance values would directly increase the
noise contribution of the current bias since the noise of the current bias would be
amplified by the resistance values. First, the noise of the lower limit of MR resis-
tance is investigated in Fig. 4.22 for base resistance of 1 kΩ. In total, the sensor and
the reference resistors contribute for a thermal noise floor of 6 nV

√
Hz. The noise

floor of the electronics, including the amplifier chain, the fixed current bias and the
current DAC, is kept lower than the noise floor of the sensor and reference resistors.
Looking at the overall noise performance of the system, including both resistors, the
measured noise floor is at 8 nV/

√
Hz with a 1/f-corner frequency of ffl = 2.7 kHz.

As a result, the degradation in the SNR due to the electronics is 2.5 dB.
On the other hand, the noise using a 3 kΩ sensor resistance is evaluated using a
3 kΩ and a 1 kΩ ohmic resistors, representing the MR sensor and reference resistor,
respectively, and the breakdown of this noise measurement is shown in Fig. 4.23.
The reference sensor is not changed to highlight the mismatch compensation of the
chip due to the 10-bit current DAC. As expected, the ohmic resistors’ noise floor is
increased to 8 nV/

√
Hz, and the overall noise floor of the system is increased. The

total noise floor including the integrated electronics and the resistors is 12 nV/
√

Hz.
Overall, the SNR degradation is slightly worse compared to the pair of the 1 kΩ
resistors and corresponds to a degradation of 3.5 dB. The 1/f-corner frequency is
slightly increased to 2.9 kHz whilst having limited effect on the overall noise per-
formance of the system. For biosensing systems demanding very high SNR, the
modulation frequency of MNTs are chosen above the 1/f-corner frequency of the
complete system.
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Figure 4.24: a) Input-referred magnetic noise PSD of the TMR system. b) Measured
spectrum with an input magnetic field of 1.5 nTrms.

4.3.2 Measurements including a TMR sensor

After the electrical characterization of the system, the TMR sensor system was
evaluated using the proposed chip. As a first step, we built a measurement setup in
order to characterize the TMR element in terms of its sensitivity and the offset field
required to shift its operation to its linear region where its sensitivity is maximized.
In order to do so, we used two Helmholtz coils in order to generate the magnetic
fields used to properly characterize the TMR element. To reduce the complexity
of the setup, a large AC voltage is applied to the coils at a frequency higher than
the 1/f-corner frequency of the MR system of 5 kHz. The excited field by the coil
were in the range of 100 µT and is measured using a Hall sensor. A large field
might saturate an MR sensor, however, it is necessary for the field calibration since
a hall sensor has a lower sensitivity compared to an MR sensor. Afterwards, the
TMR sensor already presented in [35] is evaluated by replacing one of the ohmic
resistors with the TMR sensor. The characterization of the sensitivity of the sensor
is then evaluated by applying a much smaller field but at the same frequency of
5 kHz since the 100 µT field would saturate the TMR element. While keeping the
frequency fixed, the excited magnetic field scales linearly with the applied voltage,
and hence, the applied fields can be precisely monitored using the reference mea-
surement using the hall device. To start the test, the autocalibration routine is
started to compensate for the mismatch between the TMR sensor and the reference
resistor. The measured base resistance of the TMR sensor is 1.4 kΩ and a sensitivity
of 110 V/A/mT for a bias current of 700 µA. The measured input-referred voltage
noise floor is 8.4 nV/

√
Hz which is in good agreement with the measurements using

ohmic resistors, cf. Fig. 4.22 and Fig. 4.23. For the same bias current, the measured
input-referred magnetic field noise PSD shown in Fig. 4.24a. The measured mag-
netic noise floor is 120 pT/

√
Hz with a 1/f-noise corner frequency of ffl = 1.5 kHz.

Fig. 4.24b shows the spectrum at the output of the sensor system when applying a
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magnetic field at a frequency of 5 kHz with an amplitude of 1.5 nTrms. The measured
SNR is 22 dB, from which a limit of detection (LOD) of 120 pT/

√
Hz has been cal-

culated, which is compatible with the measured magnetic field noise in the absence
of a signal, verifying the absence of nonlinear noise folding effects.

4.4 Benchmarking and conclusions

4.4.1 Comparison against state-of-the-art

Table 4.1 compares this work to the state-of-the-art in MR frontends with current
biasing as well as a commercial adjustable very low-noise current source LM134 from
Texas Instruments [54]. The proposed current bias features 45x improvement in the
noise floor as well as a lower VCS = 0.3 V compared to VCS = 0.85 V for the LM134
chip for the 1 mA configuration. Although the LM134 chip can output currents up
to 10 mA, simple adjustments can be made to increase the output current of the
DAC while keeping its noise lower compared to the LM134 chip.
Compared to SoA MR sensor designs incorporating current biasing, this design
achieves the lowest current bias noise floor, the lowest voltage noise floor as well as
the lowest input-referred magnetic noise floor. The main reason behind the excellent
noise performance is the current bias design. In [36] and [43], the noise of the current
bias is suppressed using the voltage-mode feedback structure limiting the noise floor
to 10 pA/

√
Hz. However, the design by Costa [43] intended to modulate the MNTs

at a frequency of fmod = 211 Hz which is lower than the 1/f-corner frequency of the
GMR sensor of fmod = 10 kHz. This translates to lower noise requirements from
the current bias. Finally, the very large improvement in the magnetic noise floor
can be traced to the improvement in the current bias design, as well as the higher
sensitivity of the TMR sensor compared to a GMR sensor used in the other designs.

4.4.2 Conclusions

In this chapter, we have presented the second generation of improved MR readout
chips, also published in [6, 7]. The design improvements mainly focused on the
noise performance as well as improvements in the design programmability. The
noise improvements are achieved by a novel current bias scheme embedded in a
TIA-based feedback loop to lower the noise of the current bias by the loop gain.
Moreover, in our presented scheme, the noise of the embedded amplifier is highly
attenuated by the proposed structure rendering the design suitable for ultra-low-
noise applications. Consequently, the DAC unit element dimensions in the second
generation of chips are greatly reduced from 0.85 µm/80 µm to only 1 µm/1 µm. This
directly translates to 70x reduction in the DAC footprint without any increase in
the noise floor. Another important feature of this design is the relaxed requirement
of Vds,sat. The proposed current bias operates with Vds,sat = 150 mV compared
to Vds,sat = 600 mV for the first generation of chips. The proposed current bias
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achieves a SoA noise floor of 2.2 pA/
√

Hz for currents up to 1 mA which shows as 5x
improvement compared to prior arts. Its large bias current range accommodates the
high process variations of TMR sensors. Another measure to lower the noise of the
frontend is to include chopping switches for the FDDA. Consequently, the 1/f-corner
frequency of the frontend is improved from 10 kHz to 400 Hz with a noise floor of
4 nV/

√
Hz. The overall frontend with the current bias and nominally equal resistors

of 1 kΩ and negligible 1/f-noise shows a noise floor of 8 nV/
√

Hz and a 1/f-corner
frequency of ffl = 2.7 kHz.
We improved the chip programmability by changing the second-stage amplifier in
the first generation of chips to a programmable variant. The PGA provides different
gain settings, and the overall gain of the frontend can be adjusted between 80 and
800 based on the dynamic range requirements of the MR sensor. To control the
chip’s different modes of operation, we implemented an on-chip SPI interface to
control the autocalibration routine, the gain of the PGA, as well as switching on
and off different circuit blocks if needed.
The low-noise operation of the chips, as well as their large dynamic range, provide
a very good starting point to build high performance PoC systems relying on highly
sensitive MR sensors. Moreover, the low-noise offset compensation scheme allowed
us to handle large changes in the base resistance of the MR sensor facilitating the
use of such PoC systems in different environments.
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Table 4.1: Comparison against the state-of-the-art.

LM134 Costa Zhou This work
TI TBCAS’17 JSSC’21 ESSCIRC’21 [6]
[54] [43] [36] SSC-L’22 [7]

Current bias up to 10 mA 0.5 mA – up to 1 mA
Bias noise floor

[pA/
√

Hz] 100α 10 ≈10γ 2.2
Minimum VCS [V] 0.85α – – 0.3

Sensor – GMR GMR TMR
Resistance [Ω] – 850 1300 1400

Reference sensor – No No Yes
Voltage noise floor

[nV/
√

Hz] – 16 ≈15γ 8
1/f-corner frequency – < 100 Hzγ, β < 50 Hzγ, ψ 1.5 kHz

Input-referred

noise [nT/
√

Hz] – 11.5 8.2γ 0.12
Supply voltages [V] – 3.3 1.8 1.8, 3.6, 6.8
Bias power [mW] – 1.6 – 27.6

Readout power [mW] – 4.9 2.5 10.4
Area [mm2] – 3.17 1.92ψ 1.7
Process [µm] – 0.35 0.18 0.18

Number of sensors – 192 1 1
γEstimated from figures and text. αFor 1 mA current. ψIncludes ADC.
βSensor’s 1/f-corner frequency ≈ 10 kHz.
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5 Noise-aware design methodology
for low-noise TIAs

In the previous chapters, high performance MR readouts are discussed by presenting
very low noise chips with superior linearity thanks to their current bias. Clearly, such
high performance readouts are possible at the expense of an increased die area as well
as higher power consumption needed for a low-noise current bias. Alternatively, a
voltage-mode excitation of MR sensors and a TIA-based readout can be adopted for
lower power applications and/or applications with a strict area constraint. A TIA-
based readout is widely used for high performance current readout as well as for MR
sensing systems. Consequently, this chapter extends the discussion of TIA design for
both MR sensor systems as well as high performance current readouts. This being
said, this chapter is divided into two sections. The first section presents an overview
of different TIA architectures in terms of design complexity, noise performance and
power requirements. The second section focuses on the design of high performance
TIAs and offers a design guideline for an optimized TIA design in terms of its
noise performance. The proposed noise-aware design methodology is valid for all
TIA architectures and is, to a great extent, independent of the internal amplifier
topology.

5.1 Motivation and design topologies

5.1.1 The need of high performance current readouts

In many sensor readout applications, a decision has to be made whether to choose
a voltage-mode or a current-mode frontend based on multiple parameters such as
power consumption, required chip area, multiplexing capabilities, sensor’s excitation
and many more. One example of such applications are MR sensor systems. As
thoroughly discussed in the last two chapters, a voltage-mode readout for MR sensors
with current excitation is adopted for higher linearity. However, this comes at the
expense of higher power consumption needed to generate a low-noise current bias.
Moreover, a low-noise current bias is not commonly available on the market and, even
high performance current sources, are not optimized for very low-noise operation.
On the other hand, a low-noise voltage bias can be, in principle, easily generated
using a battery or an external low-noise voltage reference, and hence, a current
readout using a TIA can be more power efficient. Not only MR sensor, or resistive
sensors as a whole, can be readout using a TIA, but also many optical systems
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Iin RP CP
Iin RP CP RT

Vout
Vout

RTa) b)

Figure 5.1: a) Current readout using a simple resistor. b) Current readout using an
R-TIA.

are readout by high performance and low-noise TIAs. Moreover, many emerging
materials and life science applications create an increasing need for ultra-low-noise
current readouts. Examples of such applications include nanoscale cell imaging [55],
nanopore sensing [56], as well as probing chemical reactions on the nanoscale [57].
In all these applications, an ultra-low-noise current readout is required to preserve
the intrinsic signal-to-noise ratio (SNR) of the experiment as close as possible. As a
result, this chapter does not exclusively focus on TIA design for MR sensors, which
is the main focus of this work, but also expands the analysis to high performance
TIAs with very-low-noise requirements.

5.1.2 TIA topologies

Many TIA topologies are thoroughly explained in the literature offering a suitable
interface for sensors with a current output. All these topologies feature (very) low
input impedance creating a close-to-ideal output load for a current bias.
A very simple current readout is shown in Fig. 5.1a where a resistor RT is connected
directly to the output of current source Iin representing the output current of the
sensor. Ideally, the output voltage can be described as |Iin · RT| where RT is the
transimpedance resistance. This simple design has multiple drawbacks. First, any
voltage swing around the output node is also coupled to the sensor. Surely, an ideal
current source is not affected by the voltage fluctuations around it, however, a real
current source posses a finite impedance and a non-linear behavior. An example
of such systems would be photodiodes, where the voltage bias across the diode
determines dominantly its operating region, and the voltage swings across the diode
would affect its linearity. Moreover, the load impedance of the sensor is proportional
to RT and cannot be picked arbitrarily low without lowering the overall gain, and
consequently, increasing the input-referred noise. Another drawback of this simple
design is the parasitic capacitance and its effect on the system’s bandwidth. In
this configuration, capacitance CP in parallel to RT creates a pole frequency at
ωP = 1/ (RTCP) limiting the bandwidth of the readout. Finally, the voltage bias
across the sensor cannot be set without additional circuitry defining the voltage bias
across the sensor.
To solve these drawbacks, resistor RT can be placed as the feedback element of an
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Figure 5.2: a) Common-gate TIA. b) Regulated common-gate TIA. c) Closed-loop
R-TIA.

amplifier, and all together, forming a resistive TIA (R-TIA) as shown in Fig. 5.1b.
To understand the reason behind the superior performance of the R-TIA compared
to the simple design shown in Fig. 5.1b, the output and input voltages of the R-TIA
in terms of the open-loop gain of the amplifier Aop can be computed as follow:

Vout = − Aop

Aop + 1
(Iin ·RT) ≈ −Iin ·RT, (5.1a)

Vin = − 1

Aop + 1
(Iin ·RT) ≈ 0. (5.1b)

One can conclude from the above equations that the input and output voltage swings
are completely decoupled (for large Aop) and the input voltage node can be very
quiet irrespective of the output swing. Since Vin is very small, the input impedance
of the R-TIA is also very small (ideally zero for an infinite Aop) and independent of
the feedback resistance RT.

Open-loop versus closed-loop TIAs

TIAs do not necessarily need to be implemented in closed-loop configurations, open-
loop architectures with low input impedance would be an alternative design choice.
Fig. 5.2 shows three different TIA topologies based on open-loop configurations
(Fig. 5.2 a,b) and the closed-loop R-TIA, cf. Fig. 5.2c. The open-loop configura-
tions use a common-gate input stage which is known for its low input impedance.
In all these configurations, the transimpedance at low frequencies is defined by the
transimpedance resistance RT. One of the first designs for open-loop based TIA is
based on a common-gate input stage (or a common-base input stage for designs in-
corporating BJTs) [58]. The common-gate TIA has an input impedance of 1/gm,M1,
assuming small to medium values of RT, which can be low for large bias currents.
The bandwidth of this design is evaluated as ω3−dB = gm,M1/CP. As a result, for
high speed applications, it is desirable to increase gm,M1 which can be achieved by
increasing the bias current. However, increasing the bias current would eventually
lead to a reduction in the chosen transimpedance resistance RT for a targeted output
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voltage swing limited by the supply voltage [59]. Alternatively, a regulated common-
gate topology elevates this tradeoff by introducing an amplifier to boost the effective
transconductance of transistor M1, gmeff,M1, to become gmeff,M1 = (A+1) ·gm,M1 [60].
This also translates to a lower effective input resistance providing a close-to-ideal
load to the current sensor. Consequently, the gm needed to achieve the target band-
width is lowered by the gain of the auxiliary amplifier, and effectively, lowers the
current requirement of the TIA while relaxing its output dynamic range require-
ments. However, both common-gate designs suffer from another tradeoff between
the noise of the current source and dynamic range. For both designs, the input-
referred noise of the TIA can be expressed as:

S∆I2
in

= 4kT

(
γ gm,CS +

1

RT

)
. (5.2)

Again, this clearly indicates the tradeoff between, this time, the transconductance
of the current source gm,CS and the transimpedance resistance RT. A closed-loop
TIA such as the R-TIA shown in Fig. 5.2 mitigates such tradeoff. The noise of
the opamp, primarily controlled by its bias current, can be chosen freely without
being forced to scale the feedback element, (RT in this case). As a result, low-noise
current readout systems favor closed-loop TIA designs due the the additional degree
of freedom of lowering the TIA noise while maintaining the desired transimpedance.
However, similar to any closed-loop system, such configuration is typically limited
to low to medium speed designs due to its closed-loop nature. Generally, the open-
loop designs shown in Fig. 5.2a,b are used for high speed, low-medium resolution
designs while the closed-loop designs are typically used for low-noise current readout
systems.

Closed-loop TIAs

Figure 5.3 shows three different structures of closed-loop TIAs that are typically em-
ployed, namely R-TIAs [61, 62], capacitive TIAs (C-TIAs) [63, 64] and current-mode
Sigma Delta modulators (SDMs) [65, 66, 8]. Although R-TIAs, shown in Fig. 5.3a,
are widely used in many low-noise applications, C-TIAs are gaining attention for ap-
plications with very low input currents, such as measurements on nanodevices [67].
C-TIAs employ capacitors as the transimpedance element in the feedback of the
amplifier, cf. Fig. 5.3b. This is particularly important when a large transimpedance
is needed to amplify minute current signals without using very large resistors. Such
large resistors, in the MΩ or even GΩ range, can only be implemented using ac-
tive devices such as pseudoresistors [68] limiting the overall linearity of the system.
Needless to say, a capacitor is a noise-free component whilst a resistor is noisy. A
drawback of C-TIAs is that they are not suitable for processing DC signals since
the feedback capacitor alone does not provide a DC path. As a result, DSLs are
usually employed to source/sink the DC current. Moreover, the DC feedback of the
TIA has to be set by additional circuitry. This can be done by constantly resetting
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Figure 5.3: Block diagram of a) an R-TIA, b) a C-TIA with a feedback DC path,
and c) a current-mode SDM.

the feedback capacitance using a switch connected in parallel to the feedback capac-
itor to avoid saturating the TIA. Alternatively, a very large feedback resistor can
be connected in parallel to the feedback capacitor providing a DC path from the
output to the input of the TIA. It is worth mentioning that the feedback resistance,
even if implemented using a pseudoresistor, does not affect the linearity of the TIA
since the desired signal component flows through the feedback capacitance and not
through the very large resistance. On the other hand, applications with lower tran-
simpedance benefit from small ohmic resistors, with smaller footprints, compared
to large feedback capacitors. Another alternative for TIAs is to directly interface
the sensor with a current-mode SDM as shown in Fig. 5.3c. Strictly speaking, a
current-mode SDM does not fall under the umbrella of TIAs since the output of
the current-mode SDM is a digital representation of the input current and not an
output voltage. However, there is a strong similarity between R-TIAs, C-TIAs and
current-mode SDMs in terms of their input stages since they are all comprised of
an opamp with resistive and/or capacitive feedback. Moreover, the opamp in all
architectures exhibits close-to-identical noise performance as will be thoroughly dis-
cussed in section 5.2. As a result, it is justified to compare the current-mode SDM
within other TIA structures similar to [69]. The main motivation behind directly
interfacing the sensor with a current-mode SDM is to reduce the power consump-
tion and the area needed for the frontend compared to interfacing the sensor with
an R- or a C-TIA followed by a classical voltage-mode ADC. A detailed analysis of
current-mode SDMs and their advantages are explained in details in Chapter 6.
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5.2 Noise in closed-loop TIAs

In this work, we solely focus on closed-loop TIAs due to their very low-noise opera-
tion. The current goal is to closely analyze the noise of these TIAs and come up with
a noise-aware design methodology to design the optimum amplifier embedded in the
TIA. At first glance, it might seem that R-TIAs, C-TIAs and current-mode SDMs
would show a different noise behavior due to their different structures. However,
all three types of TIAs share the same input-referred noise transfer functions with
respect to the opamp’s noise, total input capacitance and resistance as well as the
feedback capacitance and/or resistor. As a result, a single design methodology of
all three different TIAs can be adopted in this work. This being said, changing one
topology to another does not necessarily mean that the input-referred noise would
be unaltered since the value of the passive elements would change from an R-TIA
to a C-TIA or a current-mode SDM. However, the noise equations remain the same,
and as a result, a single noise-aware design approach can be used for all TIA con-
figurations as will be shown in this chapter. Fig. 5.4a shows the input stage of the
three TIAs. The advantages and disadvantages of each architecture are discussed in
detail in [69].

5.2.1 Noise in TIAs with large transimpedance values

What is interesting is that all TIA topologies display very similar design trade-
offs when striving for an optimum noise performance. More specifically, the input-
referred voltage noise PSD of the opamp is shaped by the square of the magnitude
of the input admittance as illustrated in Fig. 5.4b. At low frequencies, the input
admittance is mainly given by the feedback resistance up to the corner frequency
ffc = 1/2πRFBCin, where Cin is the input capacitance of the TIA. At frequencies
higher than ffc, the input admittance is defined by the input capacitance Cin and
is equal to 2πfCin. As a result, the input admittance, defining the shaping of the
input-referred noise of the opamp, scales with frequency. The total admittance Yin

at the TIA input can be expressed as follows:

Yin =
1

RFB

+ 2πfCin. (5.3)

Overall, the input-referred noise PSD S∆I2in,TIA
shown in Fig. 5.4b (left) is shaped by

the square of the input admittance expressed in eq. (5.3) producing the characteristic
noise power spectral density (PSD) at the TIA input shown in Fig. 5.4b (right) and
expressed as:

S∆I2in,TIA
= S∆V2

in,opamp
· |Yin|2 +

4kT

RFB

. (5.4)

Up to the 1/f-corner frequency of the opamp, ffl, the input-referred voltage noise
PSD of the opamp is dominated by flicker noise before it reaches its white noise
floor. The flicker noise corner frequency ffl is mainly determined by the utilized
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Figure 5.4: a) Input stage of a generic current readout circuit. b) Illustration of the
origin of the different regions of the opamp noise PSD referred to the TIA input
for large transimpedance. c) Illustration of the origin of the different regions of the
opamp noise PSD referred to the TIA input for small transimpedance.

technology and the device geometry. Here, for modern CMOS technologies, values
for ff between a few tens of kHz and several MHz are common [70]. To reduce ff , the
device geometry can be increased, however, this comes at the expense of reducing
ffc due to increasing Cin as long as Cin is dominated by the input capacitance of
the TIA and not by CDUT. Therefore, as illustrated in Fig. 5.4b (middle), the
opamp noise transfer function is initially flat, with a value of 1/RFB, and then rises
with +20 dB/dec beyond the corner frequency ffc, resulting in the typical TIA input-
referred noise PSD shown in Fig. 5.4b (right), which, for low frequencies, rolls of with
−10 dB/dec (region 1), before it rises with +10 dB/dec (region 2) and +20 dB/dec
(region 3) beyond the frequencies ffc and ffl, respectively. Due to the relatively large
values of ffl for deep submicron CMOS realizations of the OTA, the shaped flicker
noise in region 2 typically limits the achievable performance of low-noise CMOS
TIAs. This introduces a strong tradeoff in the design since lowering the flicker
noise requires large device geometries, which, in turn, increases the effective input
capacitance Cin, and, thereby eventually deteriorates the overall noise performance
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5 Noise-aware design methodology for low-noise TIAs

of the TIA by lowering ffc.

5.2.2 Noise in TIAs with low transimpedance values

Here it is important to observe the input-referred noise for applications with small
and large current signals as well as their respective frequency of operation. The
sketch shown in Fig. 5.4b is valid for applications with very small currents that
require large transimpedance values. As a result, ffc can be relatively small and the
1/f-corner frequency ffl can be larger than ffc. However, for applications requiring
lower transimpedance values, such as for MR sensor readouts, the situation is dif-
ferent . The different noise shaping is shown in Fig. 5.4c with lower transimpedance
values, in the kΩ regime for example. In this situation, there is a flicker noise limited
region followed by a flat noise region, limited by thermal noise. Finally, ffc is usually
located at frequencies higher than the signal bandwidth. In this scenario, it is sim-
pler to lower ffl without significantly limiting the bandwidth by shifting ffc, as long
as ffc is kept higher than the signal bandwidth. This being said, a clear distinction
between applications with low current amplitudes and high current amplitudes can-
not be made since the input-referred current noise depends on several factors such as
input capacitance, the transimpedance and the bandwidth of operation. However,
a single set of design equations can still relate all these designs together as will be
shown in the next sections.

5.2.3 A noise model of the embedded opamp

As previously shown in eqs. (5.3) and (5.4), the input-referred noise of the TIA
depends on the shaped opamp noise as well as the noise of the feedback resistor
RFB. However, there is a clear tradeoff regarding lowering the input-referred noise
of the TIA by lowering the input-referred voltage noise of the embedded opamp. In
many cases, lowering the input-referred voltage noise of an opamp is achieved by
increasing the size of the input pair, for lower flicker noise, or increasing the bias
current of the opamp which eventually can be reached by increasing the size of the
input pair. As a result, an increase in the input capacitance Cin is unavoidable,
and hence, an increase in Yin is also expected. In order to further analyze the noise
of the opamp and its effect on the overall noise performance of the TIA, the noise
contribution of each noise-critical transistor in the opamp is derived and referred to
the input noise of the TIA.
Fig. 5.5 shows a possible transistor-level realization of an R-TIA using a simple
differential pair with current mirror loads as opamp. While practical opamp real-
izations utilize more complex architectures, the circuit of Fig. 5.5 contains all noise
critical devices. The capacitance introduced by the sensing element is modeled by
the capacitance CDUT. As a rule of thumb, large values of CDUT can greatly dete-
riorate the overall TIA noise performance by lowering fc if no extra measures, such
as bootstrapping, are considered. To obtain the input-referred noise of the TIA, the
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Figure 5.6: Small-signal model of an NMOS used to derive the total input-referred
noise of the TIA.

superposition principle can be applied. That is, for linear systems, and assuming
small signals, uncorrelated noise sources can be analyzed separately and added in
the power domain to obtain the total input-referred current noise PSD according to:

S∆I2nOTA,eq
=
∑

S∆I2IN,Mi
, (5.5)

where S∆I2IN,Mi
is the input-referred noise PSD of each single transistor Mi. To

analyze each noise source, the small-signal model of the TIA is used and the noise
of each transistor is referred to the input. The simplified small-signal model of a
single noisy NMOS transistor is shown in Fig. 5.6. Overall, the embedded opamp
inside the TIA is modeled as an integrator, without its small-signal conductance gds,
simplifying the analysis of the TIA and allowing to arrive at a compact closed-form
expressions suitable for design purposes. The effect of the finite transconductance
gds will be shown in the next sections when the noise of a transistor-level opamp
model is simulated and compared to the analytical model.
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Noise due to the input differential pair

To start with, the noise of the input differential pair is analyzed since it is the most
critical noise block of the amplifier. It is commonly mentioned in the literature
that each input transistor would generate equal input-referred noise. This is true
for fully-differential circuits with no mismatch introduced in the circuit. However,
due to the single-ended nature of most current sensors, the single-ended structure
shown in Fig. 5.5 is employed in most designs. As a matter of fact, in the standard
single-ended output TIA configuration of Fig. 5.5, the noise of the two transistors
in the differential pair is weighted differently. More specifically, the input-referred
noise of transistor M1 is given by:

S∆I2IN,M1
= S∆V2

IN,M1

[
ω (CGG,M1 + CDUT + CFB) +

1

RFB

]2

, (5.6)

where CGG,M1 is the total gate capacitance of transistor M1 as follows:

S∆V2
IN,M1

= S∆I2n,M1
/g2

m,M1 (5.7)

By contrast, the input-referred noise of M2 is given by:

S∆I2IN,M2
= S∆V2

IN,M2

[
ω (CGD,M2 + CDUT + CFB) +

1

RFB

]2

. (5.8)

Eq. (5.8) indicates that the noise PSD of transistor M2 is not shaped by the to-
tal gate capacitance of M2 but only its gate-drain capacitance CGD. The different
noise transfer functions are due to the uneven loading of M1 and M2. It is worth
mentioning that, in fully-differential structures, the transistors M1 and M2 equally
contribute to the total input-referred noise. For very low-noise designs with corre-
spondingly large values of RFB in the range of several GΩ, RFB dominates the noise
behavior only at very low frequencies [61, 67]. Consequently, the largest fraction
of the integrated input-referred noise originates from shaped noise produced by the

term
[
ω
(
CGG/GD + CDUT + CFB

)]2
. In designs with low transimpedances however,

this asymmetry in the shaped noise between the two transistors in the differential
pair can be neglected to a large extent. This is because the noise would be primarily
shaped by the feedback resistance RFB and not by the capacitance (at least until
fairly very high frequencies for low transimpedances).

Noise due to the current mirror load

While in many textbooks, the effect of the current mirror is claimed to be negligible,
care has to be taken that the conditions to achieve this situation are met in practice.
More specifically, the input-referred noise originating from transistors ML1,2 is given
by:

S∆I2
IN,ML1/2

=
S∆I2n,ML

g2
m,M1

[
ω
(
CGG,M1/2 + CDUT + CFB

)
+

1

RFB

]2

. (5.9)
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noise of the TIA.

According to eq. (5.9), the noise contribution of ML1,2 can be minimized by biasing
the input differential pair in weak inversion and biasing the transistors ML1,2 in
strong inversion. However, such approach has to be considered with a pinch of salt
since larger capacitance is always accompanied by biasing transistors in weak inver-
sion. Fortunately, reducing flicker noise of the current mirror loads can be straight
forward by simply increasing their area without worrying about their additional
capacitance, cf. eq. (5.9).

Noise due to the tail current source

Due to the asymmetrical loading of the OTA, even when assuming perfect matching,
the noise from the tail current source is visible in the OTA output and, therefore,
also contributes to the total input-referred TIA noise. The input-referred noise of
the tail current source can be visualized using Fig. 5.7 and is the current division
between the two branches. Overall the input-referred noise of the tail current source
can be computed as:

S∆I2IN,MCS
= S∆I2n,CS

[
ω CGS1

2 gm,M1 + ω CGS1

]2

. (5.10)

At low frequencies, eq. (5.10) simplifies to:

S∆I2IN,MCS
≈
S∆I2n,CS

4 g2
m,M1

(ω CGS,M1)2 . (5.11)

Consequently, at lower frequencies, the contribution of the tail current source to
the overall TIA noise can be made negligible by proper biasing of the tail current
source in strong inversion, device sizing to minimize its flicker noise contribution
and designing the input pair with a sufficiently large transconductance. However,
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at higher frequencies, eq. (5.10) becomes:

S∆I2IN,MCS
≈ S∆I2n,CS

, (5.12)

due to the current branch through CGS1 indicating the need for designing the tail
current source with sufficiently low high-frequency current noise, i.e. sufficiently
high inversion coefficients. Alternatively, noise reduction techniques such as source
degeneration can be adopted to attenuate the noise of the tail current source.

5.2.4 Modeling thermal and flicker noise of MOSFETs

The current noise PSD of a MOSFET, S∆I2n,Mi
, that occurs in the expressions for the

input-referred TIA noise in the previous discussion includes a number of different
physical noise sources inside the device. The two most important noise sources are
the noise due to the resistance of the inversion channel and flicker noise originating
from mobility fluctuations and fluctuations of the number of carriers in the channel
due to interface defects. In this work, we look closely in the design space and how to
pick the bias points of the noise-critical transistors for an optimized noise behavior.
First, we examine the gate-referred thermal noise of a MOS transistor which can be
expressed as:

S∆V2
IN,thermal

=
4kTγ

gm

, (5.13)

where γ is the thermal noise excess factor. As a result, lowering the thermal noise
floor can be accomplished by increasing the transconductance gm. This is usually
achieved by either increasing the bias current without changing the transistor’s di-
mensions, or by increasing the aspect ratio W/L to increase gm without additional
power penalty. The latter solution introduces extra gate capacitance increasing
the total input admittance, and eventually, results in a higher noise floor at higher
frequencies. Overall, thermal-noise limited designs, such as [67], adopts a design
methodology of increasing the bias current as much as possible without changing
the transistor’s dimensions. For such cases, the upper limit of this approach is the
allowed voltage headroom around the transistor. In designs limited by thermal noise,
the design tradeoff is simple: Increase the current as much as possible, as long as
the voltage headroom allows.
Unfortunately, all designs presented in the literature striving for low flicker noise per-
formance have adopted a single design strategy which is choosing a PMOS transistor
for the input stage for its superior flicker noise performance. For older technologies
(down to 0.18 µm), the channel of the PMOS transistor was usually buried in the sub-
strate, and hence, the traps between the oxide and the channel were minimized [71].
In such technologies, flicker noise can be neglected during the noise optimization
process. However, in advanced technologies, flicker noise can be problematic and
might dominate the total noise. A simplified expression of the gate-referred flicker
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voltage noise PSD of a MOSFET S∆V2
IN,flicker

can be extracted as:

S∆V2
IN,flicker

=
KF

Cox ·Weff · Leff · fEF
, (5.14)

where KF is the flicker noise coefficient, Cox is the oxide capacitance per unit area,
and Weff and Leff are the effective gate width and length, respectively. Even this
simplified model clearly reveals the tradeoff between lowering the input-referred
current noise PSD due to the flicker noise of the input pair presents itself. By simply
increasing the effective width and length of the input pair, S∆V2

IN,flicker
can be reduced

while increasing the input admittance due to the increased gate capacitance. The
optimum gate capacitance is already derived in [67] and is given by:

CGG = CDUT + CFB. (5.15)

Combining the results of eqs. (5.13), (5.14) and (5.15), the tradeoffs in reducing
the flicker noise are still simple since the flicker noise is bias independent. As a
result, the bias point is chosen based on the thermal noise floor requirements (in
strong inversion), while the flicker noise is set by choosing W · L satisfying the
condition defined by eq. (5.15). Unfortunately, the assumption that flicker noise is
bias independent, is far from true for many technologies. The simple flicker noise
model shown in eq. (5.14) disregards important information about the relationship
between flicker noise and the bias point. In this thesis, we adopt a more precise
flicker noise model provided in the BSIM4 MOSFET model, in which the gate-
referred flicker noise is given by [72]:

S∆V2
IN,flicker

=
KF · IAF

ds

Cox · L2
eff · fEF · g2

m

, (5.16)

where EF (≈ 1) is the flicker noise frequency exponent modeling the slope of the
flicker noise and AF (≈ 1) is the flicker noise exponent. For a given technology, all
coefficients of eq. (5.16) can be extracted from simulations. It is worth noting that
while the width W does not appear directly in eq. (5.16) it is implicitly included
in IAF

ds /g
2
m. Eq. (5.16) shows that flicker noise can be reduced by choosing the bias

point of the MOSFET in weak inversion where gm/Ids is maximized. This introduces
a strong design tradeoff since, for lower flicker noise, weak inversion operation is
beneficial. On the other hand, the shaped thermal noise can be reduced by biasing
the input pair in strong inversion.

In summary, the following statements are applicable for the design of the differential
pair:

– To reduce flicker noise, maximizing gm/Ids is desired without significantly in-
creasing CGG + CP + CFB. This can be achieved by biasing the transistors in
weak inversion.
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– To reduce thermal noise, maximizing gm is desired without significantly in-
creasing CGG+CP+CFB. This can be achieved by biasing the input differential
pair deeply in strong inversion. This constraint is particularly important for
applications with ffc comparable or lower than the actual signal’s bandwidth.

Since most designs suffer from both types of noise, we will discuss in the following
parts how to pick an optimum design point depending on the sensor’s and techno-
logical parameters.

Designing for minimum opamp noise

In the following, we will derive design equations for the total opamp noise. Typi-
cally, there is a finite set of design variables namely the input transistors’ width W
and length L, as well as their drain current Ids. Consequently, the proposed design
equations would only include these variables. As a first step, the transconductance
gm in eq. (5.16) is substituted by a single equation valid in all bias operation re-
gions, i.e. weak, moderate and strong inversion operation. According to the EKV
model [73], gm can be expressed as:

gm =
2 · Ids

n · UT. ·
(
1 +
√

4 · IC + 1
) , (5.17)

where n is the slope factor, UT is the thermal voltage, and IC is the inversion
coefficient. The value of IC reflects the operating region of the transistor and can
be related to physical transistor parameters according to:

IC =
Ids

2 · n · µ · Cox · U2
T · WL

, (5.18)

where µ is the carrier mobility and Cox is the oxide capacitance per unit area. On
the other hand, the capacitances in eq. (5.3) can be approximated as:

CGG ≈
2

3
(W · L · Cox) + CGSo + CGDo,

CGD ≈ CGDo, CGS ≈
2

3
(W · L · Cox) + CGSo,

(5.19)

where CGSo and CGDo are the gate-source and gate-drain overlap capacitances, re-
spectively. It is worth mentioning that these equations are only valid for strong
inversion and saturation operations, however, they provide a very good approxi-
mation to the total capacitance. Now, the transconducatnce gm is expressed as a
function of the aforementioned design parameters W , L and Ids.

5.2.5 Design example

Next, the design equations introduced in the previous sections are used within our
noise-aware TIA design methodology. First, a design example of a current sensor
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with its parasitic capacitance of CDUT = 2 pF is assumed. Also, assuming RFB =
10 GΩ, dictated by the maximum input current and the required dynamic range,
and CFB = 50 fF to ensure stability/acceptable peaking in the frequency response,
the design is optimized to achieve optimal noise performance. Since the design of
the opamp would depend primarily on the frequency of operation, the design will be
optimized for two different operating frequencies of 50 kHz (medium-speed design)
and 5 MHz (relatively high-speed design).

Finding the optimized design parameters

The first step of the proposed design procedure is to extract all required technology
parameters namely KF, EF, Cox, CGSo, CGDo and the slope factor n. All these pa-
rameters can be extracted from the process’s datasheet, and/or SPICE simulations.
For this design example, we use a 180 nm CMOS partially depleted (PD) SOI tech-
nology. The transistor length of the input transistors, L, is then typically chosen
to achieve a good tradeoff between gain and speed. Here, we chose L = 250 nm.
Now, the optimum transistor width W and bias current Ids are to be evaluated to
achieve the best noise performance for both the 50 kHz and 5 MHz design cases.
The analytical model presented in the previous section can be used to create a 3D
plot of the input-referred current noise as a function of W and Ids. From the 3D
plots, the optimum W and Ids can be extracted for all NMOS and PMOS transistor
flavors in the design kit. In this technology, low-threshold PMOS transistors show
the best noise performance for both designs. It is worth mentioning that changing
the design requirements or sensor’s parasitics might result in a different optimum
transistor flavor. Figures. 5.8 and 5.9 show the input-referred TIA noise for PMOS
input transistors at a frequency of 50 kHz and 5 MHz, respectively. The optimum
design choices for W and Ids can directly be extracted from the global minimum of
the 3D plot over the tolerable power range.
To clarify the effect of choosing different Ids and W on the noise performance,
marginal plots of the input-referred noise as a function of transistor width W for
discrete values of Ids are shown to the right of the plots. The marginal plots illus-
trate two important conclusions. First, increasing current does not necessarily lower
the noise floor as observed in the optimized design at 50 kHz, cf. Fig. 5.8 (right).
This is due to the increase of the flicker noise when the bias current increases, i.e.
shifting the operation of the input pair to stronger inversion levels. On the other
hand, increasing the bias current can lower the thermal noise floor for the optimized
design at 5 MHz. In this case, increasing the current would increase the flicker noise
corner frequency ffl, however, the corner frequency is still lower than the frequency
of operation. The second important observation from the two marginal plots is that
the optimum transistor’s width depends on the bias current inside the opamp. This
dependence is not shown in [67] where the optimum width, or gate capacitance CGG,
depends solely on the input capacitance of the system, cf. eq. (5.15). Moreover, the
effect of CDUT on the overall noise performance is investigated. To this end, CDUT

is swept from 200 fF to 10 pF and optimum design parameters for the width W and
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Figure 5.8: 3D plot of the TIA input-referred spot noise of the input transistors at
50 kHz as a function of W and Ids.
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Figure 5.9: 3D plot of the TIA input-referred spot noise of the input transistors at
5 MHz as a function of W and Ids.

bias current Ids of the input transistors are found using the proposed approach.
Fig. 5.10 shows the optimum device width and bias current for L = 250 nm for de-
signs optimized at 50 kHz, 500 kHz and 5 MHz. While the increase in the optimum
W is mostly linear with an increase in CDUT, cf. Fig. 5.10a, the optimum current
varies by two orders of magnitude, cf. Fig. 5.10b. It is also shown that the optimum
transistor’s width W is mostly independent on the frequency of operation. Overall
the results of Figs. 5.10a and 5.10b show that by biasing the input differential pair
at a lower IC for the 50 kHz design leads to a lower input-referred noise. For faster
designs, increasing the bias currents and using a higher IC results in an optimum
noise performance, as suggested in [74]. For each of the three designs, the optimum
spot noise is shown in Fig. 5.11 while sweeping CDUT. As expected, the optimum
noise performance degrades with increasing CDUT and operating frequency.
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Figure 5.10: a) Optimum width and b) optimum bias current of the input differential
pair as a function of CDUT for designs optimized at 50 kHz, 500 kHz and 5 MHz.

Comparison between the analytical and the simulated model

To verify the usefulness and benefits of the proposed design approach, we have
compared it against a design optimization that only takes thermal noise into account.
The design optimized for thermal noise has been found using the approach of [67],
which suggests to maximize Ids, while fulfilling the relationship CGG = CDUT +
CFB. Choosing an inversion coefficient deeply in strong inversion (IC = 75), this
design approach results in an optimum width of W = 1 mm and a current of Ids =
28 mA. This design is compared against the two designs optimized for minimum spot
noise at frequencies of 50 kHz and 5 MHz with the proposed method that evaluates
the analytical model equations presented in this work, taking into account thermal
and flicker noise. The corresponding simulation results are shown in Fig. 5.12.
According to the figure, the designs optimized for flicker and thermal noise consume
significantly less current while achieving a significantly better noise performance
in the case of the 50 kHz design and an identical noise performance in the case of
the 5 MHz design. This clearly shows that, especially for low to medium-frequency
designs, excessive currents lead to increased flicker noise that degrades the overall
TIA performance, cf. Fig. 5.8 (right). Even for relatively high-speed designs, taking
flicker noise into account greatly saves power and results in a significantly reduced
TIA noise. Finally, we have verified the accuracy of the proposed analytical model
by comparing it against Spectre simulations of the circuit of Fig. 5.5, extended by
cascode devices to produce sufficient open-loop gain in the OTA. The corresponding
simulation results for the 50 kHz optimized design are shown in Fig. 5.13. The blue
curve depicts the noise predicted from the proposed analytical model and the red and
yellow curves correspond to Spectre simulations including the noise of the differential
pair only and all transistors, respectively. According to the figure, the proposed
analytical model shows very good agreement with the red curve, the small difference
around the corner frequency originating from the inaccuracy of the simplified flicker
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Figure 5.11: Optimized spot noise of the TIA at 50 kHz, 500 kHz and 5 MHz as a
function of CDUT.

noise model of eq. (5.16). The additional discrepancy between the analytical model
and the simulation including all noise sources for very large frequencies beyond
the OTA’s gain bandwidth originates from additional noise due to the tail current
source.

5.3 Conclusions

In this chapter, first, a brief review of different TIA topologies was given. More
specifically, the difference between OL and CL TIAs in terms of their noise-speed
tradeoff was highlighted. Since this work is dedicated to low-noise designs, the noise
of CL TIAs is examined in detail. More specifically, we introduced, in detail, a
list of analytical equations modeling the noise of noise-critical transistors in TIAs
and their embedded opamps. As shown, the noise of the input differential pair can
dominate the entire noise performance, followed by the noise of the current mirror
loads and, surprisingly, the noise of the tail current source. The latter source of
noise is visible due to the single-ended nature of most TIAs. Several important con-
clusions are drawn from our analysis, which are also published in [9]. First, a design
methodology based on lowering the thermal noise, by increasing the bias current,
does not necessarily lower the input-referred current noise of a TIA. On the contrary,
for flicker noise limited designs, an increase in the bias current shifts the operation
of the differential input pair into strong inversion, and ultimately, the flicker noise
corner frequency ffl is shifted to higher frequencies. Surprisingly, our analytical
model shows that, in low-speed designs, a lower current bias can lead to a lower
noise floor. On the other hand, high-speed designs can benefit from increasing the
bias current where ffl is kept way lower than the frequency of operation. Secondly,
while our design equations are relatively simple and comprise only very few design
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Figure 5.13: Comparison of the proposed analytical model against Spectre simula-
tions.

and technological variables, they match, to a very large extent, with the Spectre
simulations performed on a design example on 180 nm SOI technology. Another
conclusion drawn from our work is that the optimum gate-capacitance of the input
differential pair CGG depends on the bias current and not only the sensor’s capaci-
tance CDUT and feedback capacitance CFB as shown in [67]. Interestingly, for given
bias currents, the optimum gate-capacitance CGG is independent, to a large extend,
of the frequency of operation. This being said, our simple design model, based on
analytical equations and technological parameters, can be used as a guideline to
circuit designers offering a noise-aware design methodology for TIAs.
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6 A frontend for MR sensors using a
current-mode Σ∆ modulator

In chapter 5, we introduced a detailed noise model of ultra-low noise TIAs and a
noise-aware design methodology of low-noise closed-loop TIAs. We also showed that
these equations are valid for R-TIAs, C-TIAs and current-mode Σ∆ modulators. In
this chapter, we discuss the design of a continuous-time current-mode Σ∆ modulator
(CT C-SDM) for both biosensing as well as life science sensing applications. The
reasons behind choosing CT C-SDMs over R-TIAs and C-TIAs are discussed in
this chapter by introducing the advantages and tradeoffs of CT C-SDMs compared
to R-TIAs and C-TIAs in terms of power consumption, area and achievable noise
performance. Following this discussion, the design procedure of a CT C-SDM is
introduced and validated by a chip design of a CT C-SDM with finite impulse
response (FIR) feedback for jitter immunity. Moreover, this design features a DSL,
similar to that of C-TIAs, to increase the dynamic range of a CT C-SDM in the
presence of large DC current offsets.

6.1 Towards the design of compact TIAs

Recent quantum and life science applications create an expanding need for current
frontends with excellent noise performance and large dynamic ranges. An example
of such applications includes quantum magnetometers based on nitrogen vacancy
(NV) centers in diamond [75, 76]. The excitation of such systems is done by green
laser and their readout comprise of photodiodes detecting the red fluorescence signal
of the NV centers. Afterwards, their output current is typically amplified by a low-
noise TIA to maintain the intrinsic SNR of the input diode. Unfortunately, the
desired red fluorescence signals are typically very small and are superimposed on
large undesired signals originating from the excitation signal by green light. As a
result, very low-noise TIAs are needed to resolve the small red fluorescence signal.
On the other hand, a large dynamic range is essential to ensure proper TIA operation
without being disturbed by the undesired green laser. This is very similar to the
readout of MR sensors, where the signal component is encoded in the small-signal
resistance, while the base resistance is contained in the DC part of the resistance.
By applying a voltage bias to the MR sensor, a current output with a large unwanted
DC component and a smaller desired AC component is processed by the TIA. For
such applications, TIAs are realized either with a resistive feedback (R-TIA) [77] or
with a capacitive feedback (C-TIA) as shown in Fig. 6.1. The TIA is then followed by
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IDC Vref

RFB

CFB

ADC
Dout,AC+DC+IAC

Figure 6.1: Generic R- and C-TIAs with subsequent ADC.

an ADC to digitize the analog signal. The tradeoffs of large undesired DC currents
and noise can be understood for both R-TIAs and C-TIAs as follows: Larger DC
currents forces the usage of smaller feedback resistors RFB for R-TIAs which directly
translates to an increase in the thermal noise floor. The ADC that follows the R- or
C-TIAs also suffers from a low transimpedance in the prior TIA stage. For a large
transimpedance, the noise of the ADC, composed of quantization and electronic
noise, is attenuated by the transimpedance gain when referred to the input of the
system. Now, because of the lower transimpedance value, the noise of the ADC has
to be heavily reduced to keep the input-referred noise of the system unaltered. As a
result, the overall power consumption of the ADC is expected to increase because of
the small transimpedance dictated by the undesired DC currents. To mitigate these
drawback in R-TIAs and C-TIAs, a DC servo loop (DSL) is frequently added around
the TIA to separate the AC and DC signals [63, 62]. The AC signal processed by
the TIA, is then digitized by an ADC as illustrated in Fig. 6.2. In this scheme, the
AC and DC signals are separated from each other. Although the analog DC output
Vout,DC requires an ADC with a large dynamic range, it still can be digitized with a
lower resolution ADC compared to the ADC processing the smaller AC signals. As
a result, the noise-power tradeoff tradeoff is relaxed by using a large transimpedance
value in the TIA and an ADC with higher tolerable noise floor. However, using a
TIA followed by an ADC consumes more power and area than directly digitizing
the current with a current-input ADC [78]. A promising candidate for a low-noise
current-mode ADC, cf. Fig. 6.3a that can directly digitize the sensor current output
signal is a current-mode Σ∆ modulator (C-SDM) [79, 80]. This approach removes
the need for an additional frontend TIA and, hence, can be more compact and
power efficient. However, in this approach, large DC currents accompanying the AC
signals can be problematic since they can degrade the modulator’s effective dynamic
range for the AC signal. Moreover, a direct consequence of the large DC currents
is an increase in the quantization noise as well as the thermal noise of the C-SDM.
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Figure 6.2: Generic R- and C-TIAs with subsequent ADC and a DSL to increase
the readout’s dynamic range.

C-SDM Dout,AC+DC
IAC+IDCIAC+IDC

Figure 6.3: Generic current-mode ADC.

This is explained in details together with the operation of a CT C-SDM in the next
sections.

6.2 CT C-SDM: Concepts and design tradeoffs

In this section, the design process of a CT C-SDM is presented alongside with the
design strategy of the critical blocks of the modulator. This includes the proper
choice of a feedback DAC to ensure clock jitter robustness, sufficient anti-aliasing
filtering (AAF), as well as relaxing the linearity requirements of the first integra-
tor. Furthermore, the tradeoffs between speed, quantization noise, electronic noise,
dynamic range and power consumption are introduced. Finally, two SoA designs
incorporating a CT C-SDM frontend are discussed and their advantages and disad-
vantages are evaluated before introducing our CT C-SDM design.

6.2.1 CT C-SDM design fundamentals

Fig. 6.4 shows the block diagram of a generic CT C-SDM. Interestingly, the structure
of a current-mode CT SDM is very similar to a voltage-mode CT SDM except for
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IAC+IDC+IQN

CP

Figure 6.4: Generic block diagram of a CT C-SDM.

the input stage. In a current-mode SDM, the input resistor of the classical RC
integrator in a voltage-mode SDM is omitted. As a result, the input-impedance is
significantly lowered by the open-loop gain of the embedded amplifier of the first
integrator stage providing a close-to-ideal load to the current-mode sensor. Another
fundamental difference between the voltage- and the current-mode modulators is
the parasitic capacitance introduced at the input. In a voltage-mode SDM, the
input resistor of the first RC integrator is implemented on-chip, as a result, any
parasitic capacitance at the input of the chip due to traces, ESD capacitance at
the chip pads or the sensor, are driven by the input voltage source. In C-SDMs,
however, the parasitic capacitance CP is located at the virtual ground of the first
integrator. As a result, such undesired capacitances load the integrator, and could
lead to severe SNR degradation or possible instability as will be discussed in detail
in section 6.2. The advantages of a CT C-SDM are similar to a voltage-mode SDM.
Most importantly, the inherent anti-aliasing filtering property of the CT loop filter
allows interfacing sensors directly with a CT modulator without the need for an
extra AAF filter [80]. The operation of the C-SDM is explained as follows: The
large loop gain inside the modulator, formed by a single or a cascade of integrators,
ensures that the average feedback current signal, i.e. the DAC’s output in Fig. 6.4,
is equal to the input signal. As a result the modulator’s output, which is also the
outermost DAC’s input, is nothing but the digital representation of the input signal
together with the modulator’s quantization noise. Similar to voltage-mode SDMs,
the quantization noise depends on multiple factors, such as the modulator’s order,
the number of bits in the internal ADC, the chosen NTF and the oversampling ratio.

DAC tradeoffs

The internal ADC in the SDM has N -bits of resolution. As a result, the feedback
DAC has the same resolution. The full-scale of the feedback DAC plays an important
role in the modulator’s operation while influencing its quantization noise floor. This
can be understood by the simple sketch shown in Fig. 6.5 showing the transfer
characteristics of an N -bit DAC. The two most important parameters of the DAC

76



DAC

}

IFS

k

IFB
IFBk

DAC

a)                                        b)

Figure 6.5: a) Block diagram of a generic DAC. b) Transfer characteristics of an
N -bit DAC.

are the full-scale output current of the DAC, IFS, and the quantization step ∆. It
is worth mentioning that the quantization step is not generated by the DAC per se
but is the outcome of the finite quantization levels in the ADC. For an N -bit DAC,
the quantization step is computed as follows:

∆ =
IFS

2N − 1
. (6.1)

Clearly, choosing a smaller quantization step, or quantization error, is helpful to
reduce the quantization noise floor. However, for a fixed DAC design with a fixed
number of bits N , a smaller quantization error leads to a reduced full-scale current
IFS, cf. eq. (6.1). Choosing a proper IFS is important for the stability of the
modulator and the largest input signal you want to quantize, as well as the noise
performance of the modulator. The stability of a C-SDM is similar to that of a
voltage-mode SDM. In the latter, a modulator is stable as long as the input voltage
is smaller than or equal the maximum stable amplitude (MSA) of the modulator.
Similarly, IFS has to be larger than the input current Iin to ensure proper operation.
The minimum IFS ensuring stability depends on the order of the loop filter, the
number of quantization bits in the internal ADC, and the aggressiveness of the
NTF. Although increasing IFS greatly beyond Iin can provide a safety margin for
stability, two major tradeoffs can be expected. First, larger IFS yields a higher
quantization error as explained shortly above. Secondly, an indirect consequence of
increasing IFS is the higher electronic noise. For example, a current steering DAC
can be implemented for the feedback DAC with an IFS = 1 mA. Increasing the
full-scale current to IFS = 10 mA, by placing more transistors in parallel, would
increase the current noise floor PSD by a factor of ten. This tradeoff is very similar
to R-TIAs, where a larger input current necessitates smaller feedback resistors, and
hence, an increase in the input-referred noise is inevitable. Now, it is important to
draw the following conclusion: A large DC current component at the input of the C-
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Figure 6.6: a) Schematic diagram of the first integrator. b) Equivalent block diagram
of the first integrator.

SDM requires a DAC with a sufficiently large IFS to ensure stability. Consequently,
this limits the achievable signal to quantization noise ratio (SQNR) as well as the
overall SNR of the modulator.

First opamp design considerations

Another critical block in the C-SDM is the first integrator, and specifically, the
design of its embedded opamp for multiple reasons. First, errors generated by the
opamp, including noise and non-linearities, are not shaped by the loop filter. More-
over, the opamp’s speed, or unity-gain frequency (ωUGF), has to be chosen large
enough to drive the large parasitic capacitance CP at the input without adding
large delay to the loop. As a rule of thumb, the ωUGF of the integrator can be cho-
sen around 1-2 fs for stable operation of a CT modulator [81]. Fig. 6.6 shows a block
diagram of an active RC integrator with a parasitic capacitance CP for a resistive
feedback DAC. Now, the effect of the finite ωUGF of the amplifier on the closed-loop
transfer function of the integrator with large parasitic capacitances CP is analyzed.
To model the finite speed of the opamp, a simple model for the opamp Aop with
infinite DC gain and a finite bandwidth is used. Overall, the open-loop response of
the amplifier is modeled as Aop = s/ωUGF. Next, the feedforward and the feedback
gains α and β, respectively, cf. Fig. 6.6, are derived to obtain the closed-loop gain
of the integrator. The equivalent circuit models used to derive α and β are shown
in Figs. 6.7b and c. Overall, α and β are given by:

α =
1

1 + s ·RDAC · (CP + Cint)
, (6.2a)

β =
s ·RDAC · Cint

1 + s ·RDAC · (CP + Cint)
. (6.2b)

Combining the results of the above equations, the closed-loop transfer function of
the integrator becomes:

Vint

Vfb

=
−α · Aop

1 + β · Aop

=
−1

(s ·RDAC · Cint)(1 + s/ωnd)
, (6.3)
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Figure 6.7: a) Schematic diagram used to obtain α. b) Schematic diagram used to
obtain β.

where ωnd is a non-dominant pole and can be expressed as follows:

|ωnd| =
1 + (ωUGF ·RDAC · Cint)

RDAC · (CP + Cint)
. (6.4)

Assuming ωUGF � 1/RDAC · CFB, the non-dominant pole frequency ωnd of the inte-
grator can be written according to:

|ωnd| = ωUGF
Cint

CP + Cint

. (6.5)

Consequently, the parasitic capacitance at the input of the integrator shifts the non-
dominant pole frequency ωnd to a lower frequency, and as a result, increases the loop
delay. To counteract this adverse effect, the speed of the embedded opamp ωUGF is
typically increased worsening the power-efficiency of the modulator. Alternatively,
the value of the integration capacitance Cint can be also increased at the expense of
larger chip area and higher slew-rate requirements.
The speed of the opamp is one important design criterion setting the lower limit on
its power consumption. However, the noise of the opamp is an equally important
design parameter that can determine the power consumption of the opamp. In
chapter 5, a detailed analysis of the noise of the TIA is presented for R-TIAs,
C-TIAs and C-SDMs, as well as the noise-shaping of the embedded opamp when
referred to the input node. Considering both noise and speed requirements of the
opamp, a proper decision regarding the power consumption of the opamp can be
made.
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IAC+IDC

LF
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RFB

Dout,ACCDUT
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DAC

VDC,HV

RDC≈ IAUX IDC

Figure 6.8: Block diagram of a generic C-SDM with a DC path to source/sink the
undesired DC current.

6.3 Improving the dynamic range of C-SDMs using
DSLs

As discussed in the previous section, there is an implicit tradeoff between the dy-
namic range and the noise floor of an SDM. This tradeoff is aggravated in the case of
input DC currents. Here, we try to break this tradeoff to increase the useful dynamic
range of the SDM, while simultaneously improving the system’s noise floor.

6.3.1 Steering the DC current away from the DSM

The simplest idea to break the aforementioned tradeoff is to source or sink the DC
current away from the SDM. Fig. 6.8 shows a block diagram of a generic C-SDM (in
black) with a feedback resistor RFB forming the current feedback DAC. Since the
input node of a CT C-SDM is a virtual ground, cf. Fig. 6.4, a current-summation
node can be easily formed by connecting an auxiliary resistor RDC biased at suitable
a DC-voltage VDC,HV (in blue). By precisely controlling VDC,HV, the entire DC
current can be steered away from the C-SDM. In this case, the feedback resistance
RFB can be significantly increased, since the modulator does not need to handle the
large DC currents, improving the quantization noise as well as electronic noise floor.
It is important to point-out that in order to improve the electronic noise floor of
the system, the auxiliary DC path has to be operated from a high-voltage supply to
allow choosing RDC > RFB to avoid any noise degradation due to the DSL resistance.
Steering the current away from the SDM is a simple and effective solution to improve
the SDM’s useful dynamic range and its noise performance. However, it does not
provide a practical solution since the voltage VDC,HV has to be constantly adjusted if
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Figure 6.9: Block diagram of a generic C-SDM with the proposed DSL in blue.

the DC operating point of the sensor is constantly changing. For example, the base
resistance of an MR sensor, especially a TMR sensor, would change significantly
depending on the orientation of the sensor or the earth magnetic field in the lab.
As a result, a novel technique to ”automatically” steer away the DC current from
C-SDMs is adapted in this work.

6.3.2 Embedding a DSL around a C-SDM

A DSL is a feedback loop that automates the process of steering DC currents away
from the C-TIAs [63, 64], and more recently, in R-TIAs [62]. It simply comprises
of an active integrator with large DC gain in the feedback loop, to process the
DC currents, and very low gain at the signal bandwidth, allowing the signal to be
processed by the TIA. Here, we propose using DSLs inside a C-SDM to improve
the SDM’s dynamic range for AC signals. Fig. 6.9 shows the block diagram of
the proposed C-SDM incorporating a DSL. In the proposed scheme, the output
bitstream of the modulator is (optionally) converted to the analog domain via a
DAC and then low pass filtered using an active integrator with a DC gain of ADC

and a corner frequency of ωc = 1/ (Rint · Cint), where Rint and Cint are the integration
resistance and capacitance, respectively. The DAC is only needed for SDMs with
embedded multi-bit quantizers and can be left out for modulators with single-bit
quantizers. Afterwards, the output voltage of the DSL Vout,DC together with the DC
resistor RDC either sources or sinks the input DC current while, ideally, allowing
only the AC current to flow in the modulator.
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6 A frontend for MR sensors using a current-mode Σ∆ modulator

6.3.3 Modified STF and NTF

While the input stage of a C-SDM is identical to that of a C-TIA, stabilizing the
DSL around the C-SDM is significantly simpler. This is because in the C-TIA case,
the DSL has to contain a zero in addition to the low-frequency pole defining the
cut-off frequency to ensure sufficient phase margin due to the pole at DC owing to
the integrator in the signal path that is part of the DSL [63]. In contrast, in the pro-
posed scheme, the DSL is connected to the overall modulator output. Consequently,
the signal transfer function (STF) of the modulator, without the DSL, displays a
low-pass behavior with a cut-off frequency that is chosen according to the highest
signal frequency component. This in return relaxes the stability requirements of the
DSL when connected to the modulator since the pole of the feedback integrator is
the only low-frequency stability-relevant pole inside the DSL. In the proposed ar-
chitecture, however, it is important to evaluate the DSL’s effect on the overall SDM
performance. This is of particular importance since both loops, the SDM and the
DSL loops, are nested in this structure. To assess the performance of the system,
the modified STF and NTF are evaluated for this structure. First, the modulator’s
NTF is examined, which is given by:

NTF =
Vout,AC

VQN

=
1

1 +
HLF(s)

RFB

+
HLF(s) ·HDC(s)

RDC

. (6.6)

For sufficiently large ω, the NTF can be approximated as follows:

NTF|ω�ωc ≈
RFB

HLF(s)
. (6.7)

One can conclude from eq. (6.7) that the DSL does not interfere with the modulator’s
NTF which can be set independently by the modulator’s loop filter. On the other
hand, the STF can be written as:

STF =
Vout,AC

IAC + IDC

=
HLF(s)

1 +
HLF(s)

RFB

+
HLF(s) ·HDC(s)

RDC

. (6.8)

For a finite DC gain ADC in the DSL, HDC(s) can be expressed as:

HDC(s) =
ADC

1 + s · ADC

ωc

. (6.9)

Eq. (6.8) can be approximated for very low frequencies (ω � ωc) and within the
signal band of the SDM according to:

STFDC|ω�ωc ≈
RDC ·RFB

RDC + ADC ·RFB

≈ RDC

ADC

≈ 0, (6.10a)

STFAC|ω�ωc ≈ RFB. (6.10b)
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Similarly, by setting ωc to a sufficiently small value and for sufficiently small fre-
quencies ω, the output voltage of the DSL Vout,DC can be written as:

Vout,DC|ω�ωc = IDC ·
RDC

1 + RDC

RFB·A(s)

≈ IDC ·RDC, (6.11)

where RDC and RAC are shown in Fig. 6.9. That is, by designing the gain of the
amplifier inside the DSL large enough, the DSL processes the entire input DC cur-
rent. This, in turn, renders the two feedback loops mostly independent, the DSL
processing only DC (and very low-frequency components), the SDM feedback loop
processing all AC signals outside the bandwidth of the DSL. Thus, for frequencies
above ωc, the SDM output Dout,AC represents the desired pulse density encoded
representation of the AC input signal according to:

Dout,AC|ω�ωc ≈ IAC ·RFB. (6.12)

At much lower frequencies (ω � ωc), the SDM does not process any signals rendering
the modulator as a bandpass filter. The low-pass filter cut-off frequency is set by
the inherent AAF property of the CT loop filter. Ignoring the finite DC-gain of the
integrator, the 3-dB high pass corner frequency of the bandpass filter ωBP can be
evaluated by setting the STF in eq. (6.8) to STF = RFB/

√
2 as follows:

ωBP = (1 +
√

2) · ωp ·
RFB

RDC

. (6.13)

Similarly, the corner frequency of the DSL ωLP can be determined by setting Vout,DC

in eq. (6.11) to Vout,DC = (IDC ·RDC) /
√

2 as follows:

ωLP = (
√

2− 1) · ωp ·
RFB

RDC

. (6.14)

Overall, the C-SDM displays a bandpass behavior rejecting DC offsets, while trans-
lating the input AC current to an output voltage by a transimpedance of RFB before
being digitized by the modulator. On the other hand, the DC currents are processed
by the DSL with a transimpedance of RDC. The overall illustration of the C-SDM
with the employed DSL is shown in Fig. 6.10.

6.4 A CT C-SDM employing a DC servo loop

The goals of this thesis do not only include the design of high performance frontends
for MR sensors as shown in chapter 4, but also area-efficient designs with very good
noise performance. Therefore, the design of a C-SDM is discussed in this part of
the thesis. The designed modulator is also intended for quantum applications, and
hence, the modulator’s performance in terms of noise and dynamic range is to be
considered thoroughly. The design specifications are set as follows. A worst-case
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Figure 6.10: Equivalent model of the C-SDM employing a DSL.

Table 6.1: A summary of the design requirements of the C-SDM.

Signal bandwidth 200 kHz
Dynamic range ≥ 70 dB

Signal amplitudes ≥ 100 µApp

Noise floor ≤ 20 pA/
√

Hz
Input parasitic capacitance ≤ 500 pF

Input DC current Yes

thermal noise floor of 20 pA/
√

Hz is required. Although the target noise perfor-
mance is 2.5x higher compared to our presented MR sensor frontend in chapter 4, it
is still competitive to the SoA designs shown in table 4.1. Moreover, the modulator
is designed to digitize maximum signal amplitudes in the range of 100 µApp expected
from MR sensors. On the other hand, the readout of the photodiodes for NV-based
magnetometers set the bandwidth of the modulator. In many cases, the bandwidth
of such readouts are typically around 100 kHz [82, 83]. As a result, a bandwidth of
200 kHz is chosen for the modulator, allowing for higher bandwidth if needed.
The design specifications of the modulator are based on the required noise perfor-
mance and speed while fitting the dynamic range requirements of the input signal.
For example, a C-SDM designed to readout an array of MR sensors would interface
a large parasitic capacitance CP at the input. Moreover, both for a photodiode read-
out and an MR sensor readout, a DC current would significantly reduce the usable
dynamic range of the modulator if no measures are taken. In this work, the modula-
tor is intended to drive large parasitic capacitances of up to 500 pF while being able
to handle large undesired DC currents. A summary of the required specifications is
shown in Table 6.1.
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Figure 6.11: Block diagram of a third-order CIFFB C-SDM with FIR feedback.

6.4.1 System-level design of the C-SDM

First, a suitable architecture of the C-SDM is chosen. Multiple architectures are
available in the literature such as the cascade of integrators in feedforward (CIFF)
structure, cascade of integrators in feedback (CIFB) structure, and the the hy-
brid cascade of integrators in feedforward and feedback (CIFFB) structure [84]. In
this work, a third-order CIFFB structure is chosen for multiple reasons. First, a
CIFFB architecture removes the necessity of building a power-hungry adder before
the quantizer similar to CIFB architectures. Secondly, it only features two DACs
in the loop filter compared to three DACs in the CIFB topologies. The innermost
DAC of the CIFFB structure is important for the operation of the SDM and is also
reused for the ELD compensation of the structure. A block diagram of the C-SDM
with a CIFFB loop filter is shown in Fig. 6.11. In order to increase the linearity
of the frontend, a single-bit quantizer and DAC are implemented in the SDM. This
comes with the expense of a lower clock jitter robustness due the single-bit DAC.
To mitigate this problem, a finite-impulse-response (FIR) DAC is adopted in this
work similar to [85], cf. Fig. 6.11. For R-DACs, however, a large number of taps
would directly lead to an increase in the tap resistance which in turn increases the
DAC’s parasitic capacitance and area. In this work, a 4-tap FIR DAC is sufficient
for good jitter robustness without significant increase in the chip area. Since the
FIR DAC changes the modulator’s NTF due to the low-pass filtering property of
the FIR DAC, a compensation FIR DAC is added at the input of the last integrator.
The coefficients of the compensation FIR DAC xi are chosen to restore the modula-
tor’s NTF. A schematic of an N-tap FIR DAC is shown in Fig. 6.12 and embedded
in the C-SDM shown in Fig. 6.11. The FIR and compensation FIR DACs has the
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Figure 6.12: Block diagram of an N-tap FIR DAC.

following transfer functions:

FIR[z] =
1

4

(
1 + z−1 + z−2 + z−3 + z−4

)
, (6.15a)

FIRc[z] = x0 + x1z
−1 + x2z

−2 + x3z
−3. (6.15b)

6.4.2 Modulator’s coefficient scaling

In order to derive proper coefficients for the CT C-SDM, two popular approaches
can be applied. First, the CT coefficients can be directly extracted and the modu-
lator’s stability can be simulated using the automated design environment available
on www.sigma-delta.de [86]. Alternatively, the discrete-time (DT) coefficients can
be computed using the Schreier Delta-Sigma toolbox [87]. Afterwards, the CT co-
efficients can be derived using the impulse-invariant transform (IIT). In this work,
the latter method is used to derive the CT coefficients since the FIR DAC is not yet
supported on the automated design online tool (until the time of writing this thesis).
The IIT of an SDM loop filter with an order less than or equal to three and for non-
return-to-zero (NRZ) DACs [88] is shown in table 6.2. The shown transformations
are also valid for the proposed CIFFB modulator with FIR feedback since the FIR
DAC is composed of multiple NRZ DACs shifted in time. The DT loop-filter (LF)
can be written in terms of the discrete-time coefficients aDT,i as follows:

LF|DT =
aDT,3z

−1

(1− z−1)
+

aDT,2z
−2

(1− z−1)2
+

aDT,1z
−3

(1− z−1)3
. (6.16)

Before obtaining the CT coefficients of the modulator, a delay of half a sampling
period is inserted in the loop to accommodate for the excess loop delay (ELD) in
the loop filter. Such delay is usually compensated using a half return-to-zero (HRZ)
DAC and has a coefficient of kh, cf. 6.11.
Using the transformations shown in Table 6.2, the CT coefficients setting the NTF
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Table 6.2: DT equivalent of CT loop-filters with rectangular feedback DAC pulses.

S-domain Z-domain

1

s

ω0

z − 1
, ω0 = β − α

1

s2

ω1 · z + ω0

(z − 1)2
, ω0 =

β2 − α2

2
, ω1 =

β(2− β)− α(2− α)

2

1

s3

ω2 · z2 + ω1 · z + ω0

(z − 1)3
, ω0 =

β3 − α3

6
, ω1 = −β

3 − α3

3
+
β2 − α2

2
+
β − α

2

ω2 =
β3 − α3

6
− β2 − α2

2
+
β − α

2

a1,2, x0,1,2 and kh are derived as follows:

a1 = aDT,1, a2 = 1 + aDT,2,

x0 =
1

96
(−7aDT,1 − 6aDT,1aDT,2 + 192aDT,3) ,

x1 =
aDT,1

96
(−19 + 54aDT,2) ,

x2 =
aDT,1

96
(5 + 6aDT,2) ,

kh =
1

2
(aDT,1 − 2aDT,1aDT,2 + 4aDT,23) .

(6.17)

Now, the NTF is synthesized using the Schreier Delta-Sigma toolbox using an ade-
quate out-of-band gain (OBG). For single-bit quantizers, Lee criterion is used indi-
cating that an SDM modulator with a single-bit quantizer is likely to be stable for
OBG ≤ 2 [89]. In this work, and frequently in prior art, an OBG = 1.5 is used for
single-bit quantizers. The synthesized DT NTF for the third order modulator can
be written as:

NTF|DT =
(z − 1)3

(z − 0.67)(z2 − 1.53z + 0.66)
. (6.18)

It is worth mentioning that the coefficients c1,2 in Fig. 6.11 are used to scale the
output swing of the integrators. After running a single transient simulation of the
Simulink model using the coefficients shown in eq. 6.17, dynamic scaling of the
integrators is done by adjusting all the coefficients with respect to ci, cf. Fig. 6.11,
while keeping the NTF unaltered. The scaled CT coefficients are summarized in
Table 6.3.
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6 A frontend for MR sensors using a current-mode Σ∆ modulator

Table 6.3: A summary of the CT coefficients used in the C-SDM.

aDT,1 aDT,2 aDT,3 a1 a2 c1 c2 x0 x1 x2 x3 kh

0.8 0.288 0.044 0.07 0.56 0.1 0.62 0.20 0.019 0.016 0.0025 0.17

IAC+IDC

Dout,AC

CDUT

F
IR

c

F
IR

RDC

Vout,DC

Active LPF20 pF
1pF 5 pF

10 kΩ

250 kΩ 9 kΩ

Figure 6.13: Architecture of the on-chip C-SDM and the off-chip DSL (in blue).

Fig. 6.13 shows the architecture of the presented C-SDM with an off-chip DSL (in
blue) implementation to verify the usefulness of our proposed design. The off-chip
DSL is tested with an output stage with a maximum voltage swing of ±10 V. Here,
the higher output voltage enables the use of a larger feedback resistance RDC to
prevent increasing the thermal noise floor ideally defined by the feedback resistance
of the SDM. In the presented implementation, we have used a value of RDC = 50 kΩ,
which provides minimum added noise compared to the effective feedback resistance
of RFB = RTAP/NTAPS = 20 kΩ of the SDM. The modulator is designed for a
signal bandwidth of BW = 200 kHz and a sampling frequency of fs = 36 MHz,
corresponding to an oversampling ratio of OSR = 90.

6.4.3 FIR DAC design

To improve the robustness of the modulator against clock jitter several methods have
been proposed in the literature including FIR feedback DACs [85] and switched ca-
pacitor resistor (SCR) DACs [79]. While the SCR DACs show excellent robustness
against clock jitter [90], they degrade the anti-aliasing filtering property of the mod-
ulator [91]. This is of particular importance in this design since the modulator is the
frontend of the sensor system, and implementing an AAF upfront before the ADC
would deteriorate the power efficiency of the system. Therefore, in the presented
design, we use a 4-tap FIR feedback DAC to improve jitter immunity. Fig. 6.14a
shows a typical implementation of a single FIR tap using a pair of switches and a
resistor connected to the first OTA. While a resistive feedback DAC provides an
improved noise performance compared to a current-steering DAC [85], it usually
exhibits lower speed and higher voltage fluctuations on the supply lines. The origin
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Figure 6.14: a) Conventional FIR tap showing the switching problem at the analog
supplies and the finite settling time due to the parasitic capacitance across the tap
resistor. b) An FIR tap with highly attenuated switching fluctuations at the supply
lines and the parasitic capacitance due to switching the FIR tap resistance at the
virtual ground nodes.

of the fluctuations is illustrated in Fig. 6.14a, which shows the effect of toggling of
the comparator output on VDDA and VSSA. Moreover, for larger resistors as they
are required for low noise operation, the parasitic capacitance CP increases, which
degrades the DAC settling time. Ultimately, this lowers the achievable OSR and,
thereby, the achievable SNR, and, if uncompensated, in the worst case, can even
lead to modulator instability. Moreover, parasitic bond wire inductances exacerbate
the fluctuations on the VDDA and VSSA lines [92]. To solve these problems, we adopt
the solution proposed in [93] by using a DAC similar to the classic current-steering
DAC but replacing the current source by a resistor as shown in Fig. 6.14b. In this
case, the parasitic capacitance associated with the resistor CP is always kept at a
fixed potential (VDDA or VSSA, respectively) and, therefore, the settling time is sig-
nificantly reduced. Moreover, the analog supply lines, VDDA and VSSA, respectively,
become much quieter since the comparator toggling drives the differential switches
of the resistive-steering DAC instead of charging and discharging CP, cf. Fig 6.14b.
The simulated virtual ground voltages for both DACs are shown in Fig. 6.15. It is
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Figure 6.15: Simulated virtual ground node for the typical FIR DAC implementation
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Figure 6.16: Simulated spectra of the C-SDM with the typical FIR and the resistive-
steering DACs with 28 FFT points.

clear that the virtual ground node experiences less voltage fluctuations with switch-
ing the resistor a the virtual ground. This is also reflected on the modulator’s SNR
and SNDR. Fig. 6.16 shows the different spectra of the two DACs for a sampling
frequency of fs = 36 MHz. As shown in Fig. 6.16, the simulated noise floor of the
SDM with the conventional DAC is much worse compared to switching the DAC at
the virtual ground. Moreover, the second-order harmonic is attenuated as shown by
this simulation by 40 dB. It is worth mentioning that switching the resistive DAC at
the virtual ground has been readdressed and improved by adding a dummy structure
as shown in [94, 95], however, in this design, the achieved SNDR with switching the
resistive DAC at the virtual ground is enough for our application.
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6.4.4 Design of the first integrator

The design of the first integrator has to fulfill multiple criteria. First, the open-loop
DC gain of the amplifier has to be chosen large enough to avoid significant quan-
tization noise penalty [96]. Secondly, the UGF of the opamp, or more specifically
its gm, has to be chosen large enough to stay within the thermal noise budget of
the amplifier relative to the entire SDM. Moreover, the speed of the opamp has to
be considered while taking into account the input parasitic capacitance CP as pre-
viously shown in eq. (6.5). In this work, a two-stage miller-compensated amplifier
design is adopted for sufficiently large DC gain. The transistor-level model of the
amplifier embedded in the first integrator is shown in Fig. 6.17 featuring a wide
swing telescopic amplifier with a PMOS input stage to lower the flicker noise of the
opamp. The output stage of the opamp consumes a significant current of 14 mA to
be able to drive the large parasitic capacitances at the SDM’s input. To decide on
the proper ωUGF of the opamp, system-level simulations are done for an amplifier
built with ideal Spectre components. Surprisingly, the minimum ωUGF required to
avoid instability in the modulator is only 0.14 fs. This could be due to the very
small coefficient in the first integrator a1 = 0.07 relaxing the ωUGF requirements
of the embedded opamp. Fig. 6.18 shows the simulated ωUGF of the integrator for
different input capacitances. According to this simulation, the ωUGF of the amplifier
can preserve the SNR of the modulator as long as CP ≤ 1.3 nF. This view, however,
is optimistic and does not truly reflect the non-ideal DAC transfer characteristic or
its finite output impedance. As a result, the effect of the parasitic input capacitance
will be revisited in the measurement results section.
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Figure 6.17: The transistor-level model of the first amplifier.
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Figure 6.18: Effect of the parasitic input capacitance on the ωUGF of the first inte-
grator. The minimum ωUGF = 5 MHz.

6.4.5 Measurement results

The proposed modulator is manufactured in 180 nm bulk CMOS, and its micrograph
is shown in Fig. 6.19. Despite its capability to drive large input capacitances, it only
occupies an active area of 0.64 mm2 and consumes 64 mW from a 3.3 V supply. It
is worth mentioning that the first integrator consumes 94% of the total power, i.e.
60 mW, to be able to drive the large input parasitic capacitance CP. This shows that
adding insignificant amount of power can convert a TIA into a C-SDM functioning
as a TIA followed by an ADC without the additional burden of building a separate
ADC to the backend of the sensor chain.
To evaluate the performance of the CT C-SDM, we bonded the chip directly on a
test PCB to lower the effect of parasitic capacitances and inductance due to chip
carriers. The PCB contains all necessary auxiliary circuits containing LDOs, clock
buffers, as well as a microcontroller to setup the capacitive bank of the CT C-SDM.
Afterwards, the digital bitstream of the SDM is saved on a computer and the data
is analyzed using Matlab.

Performance of the modulator

Fig. 6.20 displays the output spectrum of the modulator for a peak-to-peak input
AC current of IAC,MSA = 137 µApp at a frequency of fsig = 12 kHz. The measured
peak SNR and SNDR are 77 dB and 76.8 dB, respectively. Moreover, the measured
SFDR is 81 dB and is limited by the fourth harmonic. In this measurement setup,
no additional input capacitance is added. The measured noise floor and integrated
noise over the 200 kHz BW are 15 pA/

√
Hz and 6.9 nArms, respectively. The mea-

sured dynamic range (DR) is 80 dB. Next, we investigated the effect of the input
parasitic capacitance CP on the overall modulator’s performance. Fig. 6.21a shows
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the measured SNR and SNDR for different values of CP up to 1.5 nF. Surprisingly,
the SNR and SNDR are improved by adding parasitic capacitance up to 180 pF
before dropping again as expected. By adding CP = 180 pF, the SNR and SNDR
are improved by around 5 dB reaching 82.3 dB and 81.6 dB, respectively. The rea-
son behind this improvement in the SNR and SNDR with additional CP can be
explained as follows. The digital supply lines VDDD and VSSD supplying the flip flops
of the FIR DAC, cf. 6.14b, also used as the supply lines for the chip pads and their
internal circuits such as the digital buffers for the clock regeneration as well as a
digital buffer for the output of the SDM. These buffers consume a relatively large
amount of power, and consequently, disturb the power lines, and eventually, disturb
the FIR performance. Adding additional CP at the input effectively filtering such
disturbances in the output of the FIR DAC. The improved performance lead to an
increase in the DR by 5 dB reaching 85 dB with CP = 180 pF. Similarly, the input-
referred noise floor of the C-SDM improved from 15 pA/

√
Hz to 8.1 pA/

√
Hz.

Next, the modulator’s capability to reject strong interfering signal was evaluated.
This was done by measuring the AAF property of the modulator under the influ-
ence of out-of-band signals between fs = 36 MHz and fs + fBW = 36.2 MHz. The
AAF rejection for the aforementioned input frequency band is shown in Fig. 6.21b.
The measured AAF rejection is almost constant with minimal fluctuations between
−63.1 dB and −63.6 dB. It is worth mentioning that the AAF rejection property of
the modulator is independent of the input parasitic capacitance CP and the DSL.

Performance of the modulator with the DSL

Next, we have compared the dynamic range with and without the DSL to demon-
strate that the DSL has no effect on the modulator’s noise performance and MSA.
These measurements are conducted by connecting an off-chip DSL connected to
an RDC = 50 kΩ. The active LPF the DSL, cf. Fig. 6.13, is implemented using
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Figure 6.19: Annotated chip micrograph.
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Figure 6.20: Measured output spectrum of the SDM with 219 FFT points for an
input signal of IAC,MSA = 137 µApp at fsig = 12 kHz.
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Figure 6.21: Measured SNR and SNDR of the SDM with different values of CP.

the SR560 from Standford Research Systems (SRS) which is a bench-top voltage
preamplifier [97]. The low-pass corner frequency of the SR560 can be adjusted to
frequencies as low as 0.1 Hz to shift the low-pass corner frequency of the DSL as
low as desired. Fig. 6.22 shows the dynamic range plots for the SDM without DSL
and without offset and in the presence of a 50 µA offset as well as the DR plot for
the SDM including the DSL and in the presence of the 50 µA offset. The signal
frequency for all DR plots was fsig = 12 kHz. The dynamic range plots with and
without the DSL are virtually identical, confirming the negligible effect of the DSL
on the modulator’s noise and stability performance. Moreover, Fig. 6.22 clearly
demonstrates the reduced dynamic range of the SDM without DSL, which is re-
stored to the original value by introducing the proposed DSL. For the utilized DC
current of IDC = 50 µA, the DSL provides an improvement in the dynamic range of
13 dB. Naturally, the improvement in the DR depends on several factors, namely,
the DC gain of the integrator, its corner frequency and the ratio RDC/RFB, cf. sub-
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section. 6.3.3. Finally, the stability of the DSL is tested by applying a large DC step
of 100 µA on top of a small AC signal (4 µApp) to the input of the modulator and
measuring the output voltage of the DSL, Vout,DC. The results of this test are shown
for three different values of the BW of the DSL in Fig. 6.23. In all three cases, the
DSL output shows a benign settling behavior without any overshoots.

6.5 Benchmarking and conclusions

6.5.1 Comparison against state-of-the-art

Table 6.4 compares this work to the state-of-the-art designs employing a current-
mode SDM as a frontend for current-based sensors. It is worth mentioning that the
different input dynamic range requirements of our design compared to the design
by Amayreh [66] and Rajabzadeh [65] make it harder to draw a fair comparison
between the three designs. The table is meant to show the different CT C-SDMs
available for different sensor applications. However, we want to point out the clear
advantages and novelties in our design. First, our design incorporate an FIR DAC
that ensures suitable jitter immunity as well as decent AAF property for out-of-
band signals. In the design by Amayreh, a current-division-based DAC with a NRZ
pulse shape is incorporated. Their design achieved an excellent AAF rejection while
showing inferior jitter robustness. On the other hand, an SCR feedback employed
in the design by Rajabzadeh showed excellent jitter robustness at an expense of
insufficient AAF due to the large peak currents associated by the SCR feedback [98].
One important novelty of our design is embedding a DSL in a C-SDM. A DSL can
increase the useful DR of the C-SDM modulator with little overhead. Moreover, a
DSL can be simply embedded in any C-SDM irrespective of the modulator order,
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Figure 6.23: Output step response of the DSL (bottom) when the an input step DC
current of 100 µA is applied on top of an input AC current of 4 µApp (top).

architecture or the feedback type. Regarding the modulator’s performance, our
design features the highest SNR/SNDR and DR reported between the three designs.
Although our reported noise floor is the worst among the three designs, it can be
improved by using larger RFB. Finally, our design consumes the largest power,
however, it can handle very large input capacitances CP up to 1 nF at the input of
the C-SDM.

6.5.2 Conclusions

In this chapter, the design of a C-SDM as a frontend for MR sensors as well as
life science applications was compared to classic frontend current readout topologies
such as C-TIAs and R-TIAs. A major bottleneck for a C-SDM employed as a sensor
frontend is the reduction of the useful dynamic range of the modulator due to the
large DC offsets expected from current-mode sensors. While R-TIAs and C-TIAs
can employ smaller transimpedances to accommodate such offsets, they suffer from
higher noise floors. Alternatively, a DSL can be built around the TIA to steer away
the DC current from the frontend TIA. In C-SDMs, the DC offsets do not only
lead to an increased thermal noise floor similar to R- and C-TIAs, but also higher
quantization noise limiting their applicability as a high performing frontend. As a
result, in this work, we propose adding a DSL around the entire modulator, similar
to R- and C-TIAs, to get rid of the undesired offsets. Although the SDM has two
nested loops, namely the SDM feedback loop and the DSL, they do not interfere
with each other due to their different frequency response.
To verify the usefulness of the DSL embedded in a C-SDM, we designed and imple-
mented a C-SDM in 180 nm bulk CMOS with an off-chip DSL as a proof of concept.
The C-SDM consumes 64 mW from a 3.3 V supply where 60 mW are consumed by
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Table 6.4: Comparison against the state-of-the-art.

Amayreh Rajabzadeh This work
TBCAS’19 ESSCIRC’19 ISCAS’22

[66] [65] [8]
Feedback DAC NRZ SCR FIR

Technology [nm] 350 180 180
Supply voltage [V] ±1.5 3 3.3

Power [mW] 6.73 2 64
Area [mm2] 0.63 0.024 0.64

Bandwidth [kHz] 10 100 200
OSR 80 100 90

Peak SNR [dB] 68 – 77/82.3α

Peak SNDR [dB] 60 66/72 76.8/81.6α

Dynamic range [dB] – 69/74 80/85α

ENOB [bits] 9.7 10.7/11.7 12.5/13.3α

Noise floor [pA/
√

Hz] 2 · 10−3 0.498 15/8.1α

AAF at fs + fBW [dB] -96 – -63.1
Separate AC and DC No No Yesβ

Input cap. (CP) [pF] 2 – 1000
Max. input current [µA] ±0.288 ±9.1 ±68.5
αwith CP = 180 pF. βThe DSL is implemented off-chip.

the first integrator to drive large parasitic capacitances up to 1 nF. Moreover, we
have switched the resistive DAC at the virtual ground [93] to improve the speed
performance compared to a conventional resistive DAC while maintaining a lower
noise floor compared to a current-steering DAC. This is particularly important for
low-noise C-SDMs where large a feedback impedance, with a large parasitic capaci-
tance, is needed. The resistive steering DAC combines the high speed of a current
steering DAC with the low noise of a resistive DAC. The modulator has a signal
bandwidth of 200 kHz and can digitize signals up to 137 µApp with a peak SNR and
SNDR of 85 dB and 81.6 dB, respectively. With a large dynamic range of 85 dB,
low input-referred noise floor of 8.1 pA/

√
Hz, the ability to drive large capacitance

as well as possibility of adding a DSL around the modulator, the proposed design
is ideally suited for MR sensor arrays as well as many upcoming quantum sensing
applications such as NV center based magnetometers.
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7 Conclusion and outlook

In this chapter, we will summarize and discuss the key results of this thesis followed
by an outlook including ideas to improve the results of this work.

7.1 Results and discussion

The main aim of this thesis was to design ultra-low-noise frontends for MR sensors.
Our approach to find a close-to-optimum design was to investigate two comple-
mentary design approaches. The first design variant was based on a voltage-mode
readout with a low-noise current bias for the MR sensors. By contrast, the second
design variant utilized a CT C-SDM to directly interface an MR sensor. Both design
variants were optimized for ultra-low-noise performances.

7.1.1 A voltage-mode readout frontend for MR sensors

First generation of voltage-mode readout chips

In chapters 3 and 4, we discussed the first design variant which is based on a current
bias for the sensor, and a voltage readout scheme for the MR signal using an FDDA.
This design was optimized in terms of linearity, low offset and noise by the following
measurs:

– Good linearity is ensured by choosing a current bias for the MR sensor over a
voltage bias followed by a TIA [2].

– A low offset is achieved by incorporating an 11-bit DAC to calibrate any offset
between the MR sensor and the reference resistor.

– Having identified the sensor bias current source the bottleneck for achieving
low noise, we biased the current source using a very large gm/Ids, resulting
in a relatively large Vds,sat = 600 mV for low thermal noise floor. Moreover,
the dimensions of the current source transistors were chosen relatively large
to lower the flicker noise yielding in an aspect ratio for each unit element of
850 nm/80 µm.

The first generation of chips was manufactured in 180 nm SOI technology and con-
sumes 10.4 mW. Despite of the good noise performance of the chip of 9.5 nV/

√
Hz

and a flicker noise corner frequency of ffl = 7 kHz, the following drawbacks were
observed:
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– The DAC’s large Vds,sat limits the voltage swing around the MR sensor.

– The chip’s footprint of 4.7 mm2 is relatively large, increasing the total cost
of the MR sensor system especially for arrays of MR sensors, owing to the
unavoidable large DAC unit element size for lower 1/f-noise.

Next, a novel solution was adapted in the second generation of chips to reduce its
noise contribution as well as the chip area.

Second generation of voltage-mode readout chips

The second generation of voltage-mode chips included a novel ultra-low-noise current
bias scheme that achieves a state-of-the-art noise floor of 2.2 pA/

√
Hz for a bias

current up to 1 mA. This is achieved by embedding the current bias in a TIA-
based loop, offering a large suppression of the current bias noise by the loop gain
gm ·RFB while simultaneously relaxing the noise requirements of the TIA compared
to the designs in [36, 43]. Moreover, the DAC’s unit element aspect ratio has been
decreased from W/L = 850 nm/80 µm in the first generation of chips to only W/L =
1 µm/1 µm in the second generation of chips which translates to an area reduction
of 68x for the DAC’s unit element and thereby also the overall DAC. Moreover,
the large Vds,sat = 600 mV could be reduced to only Vds,sat = 150 mV. To further
improve the low-frequency noise performance, chopping was added to the FDDA to
shift its 1/f-corner frequency from 10 kHz to 400 Hz.
The chip has been manufactured in 180 nm SOI technology and consumes 38 mW
from 1.8 V, 3.6 V and 6.8 V supplies. Overall the second generation of chips advances
the state-of-the-art (SoA) designs incorporating a current bias for MR sensors in the
following aspects:

– Lowest current bias noise reported of 2.2 pA/
√

Hz for a bias current of 1 mA
which is 5x lower compared to SoA designs.

– Lowest voltage noise reported for MR sensors of 8 nV/
√

Hz thanks to the ultra-
low-noise current bias and the voltage readout. The measured noise floor of
the second generation of chips is 2x lower compared to the previous SoA.

The low-noise sensor bias and readout electronics together with the chip’s capability
to compensate for large offsets and the gain programmability of the frontend allows
interfacing the chip with TMR sensors with large base resistance spread. In this
work, we demonstrated a magnetic noise floor of 120 pT/

√
Hz.

Although the second generation of chips show exceptional noise performance, a
few tradeoffs could be observed. First, the power consumption due to the low-noise
current bias was higher compared to the voltage amplifier chain. Secondly, the chips
had to be operated with three different supply voltages which can be restrictive for
the practicality of the MR sensor system since three different stable voltage supplies
have to be generated on the PCB level. As a result, a different readout strategy
based on a C-SDM was also investigated and compared to the voltage-mode readout
chips.
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7.1.2 A CT C-SDM for MR sensors

The second design architecture we discussed in this thesis is an MR sensor frontend
using a CT C-SDM. Owing to the single-ended nature of most current-mode circuits,
including R-, C-TIAs and C-SDMs, we started the design process by analyzing the
noise performance of TIAs as well as introducing a design guideline for low-noise
TIAs in chapter 5. Here, we were able to draw he following conclusions:

– Since the 1/f-noise performance is bias-dependent, the design strategy for the
embedded amplifier of low-noise TIAs depends primarily on the frequency of
operation. For low-frequency TIAs, sizing the differential input pair in weak
or the onset of moderate inversion and low bias current could improve the
low-frequency noise performance. On the other hand, high-frequency TIAs
benefit from a large bias current and strong inversion mode of operation for
the differential pairs.

– Especially for TIAs with large transimpedance values, the noise of the am-
plifier’s tail current source becomes important since it is not canceled by the
differential operation due to the asymmetrical load of a single-ended TIA.

Using our detailed analytical model of the noise of TIAs, we could accurately repli-
cate the noise performance of TIAs using transistor-level simulations. This allowed
us to create a noise-aware analytical design framework of TIAs that greatly speeds
up the design process.
Based on our noise analysis, we were able to design a CT C-SDM in 180 nm CMOS
simultaneously proving the current to voltage conversion and the digitization of the
input current, cf. chapter 6. Operating from a single 3.3 V supply and consuming
total power of 64 mW, the CT C-SDM achieved a peak SNR and SNDR of 82.3 dB
and 81.6 dB, respectively, and a dynamic range of DR = 85 dB over a bandwidth of
BW = 200 kHz. With a transimpedance of 20 kΩ and a maximum MSA of 137 µApp,
a current noise floor of 8.1 pA/

√
Hz was achieved. Additionally, our design features

the following architectural novelty compared to SoA C-SDMs:

– A DSL is embedded around the entire modulator to improve the useful dy-
namic range of the modulator in the presence of large DC currents by steering
away the DC current away from the C-SDM.

While the functionality of the DSL was demonstrated by an off-chip implementation
of an active LPF, integrating the DSL on-chip would not consume much power or
area, since the noise of the amplifier is shaped by the LPF with its very-low cut-off
frequency.

7.1.3 Important design findings

In this thesis, two design variants for the readout of MR sensors have been de-
veloped, namely a voltage-mode readout and a CT C-SDM. While the first design
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variant focuses on high performance in terms of linearity and noise, the C-SDM can
be more compact and simpler to realize due to the absence of a current bias and its
associated bias noise. Another important factor to consider is the parasitic input
capacitance CP. In the voltage-mode readout chips, CP has little influence on the
frontend’s performance. On the other hand, CP reduces the effective ωUGF of CT
C-SDMs, and hence, increases the power consumption of the first integrator.
This being said, both design variants have their own merits; the voltage-mode read-
out offers the highest linearity and lowest noise, while the CT C-SDM with the
DSL serves as a TIA, DSL, and an ADC that can be fitted easily in smaller areas.
Depending on the CP, the CT C-SDM can be more power efficient compared to the
voltage-mode readout.

7.2 Areas for future work

7.2.1 Low-noise current bias for NV-based magnetometers

The low-noise current source shown in chapter 4 is not only suitable for biasing MR
sensors, but also for laser diode drivers used in NV-based magnetometers. Most
laser diode drivers are implemented similar to the designs shown in [36, 43]. By
integrating our novel current bias into laser diode drivers, the noise of the current
bias can be rendered negligible while avoiding complex noise reduction techniques
such as chopping. Another adjustment that can be integrated in our current bias
is to include MOS capacitors instead of metal-insulator-metal (MIM) capacitor for
CAC. In this way, the large AC coupling capacitor can have a smaller footprint or,
alternatively, a larger capacitor can be added to reduce the influence of the voltage
divider caused by CAC and CSG, cf. eq. (4.6).

7.2.2 Extending the C-SDM to a C-ISDM

The CT C-SDM shown in chapter 6 provides a promising starting point for MR
sensor readouts, however, the total silicon area directly scale with sensor arrays. A
simple solution would be to turn the C-SDM to an incremental current-mode SDM
(C-ISDM) allowing multiplexing between uncorrelated channels [99]. While I-SDMs
are widely used in sensor readouts, their stability are mostly assessed using linear
methods without considering the quantizer non-linearities. To solve this problem,
we proposed in [10] an exact mixed-logic dynamical (MLD) system providing an
iron-clad prediction of the stability of ISDMs for different loop filters and quantizer
resolution. In the future, the designed C-SDM can be adjusted to work in an incre-
mental mode of operation and interfaced with an array of MR sensors. This would
allow us to build a compact PoC system for MR sensor systems.
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